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Abstract

High-Q passives are the key design components for a proposed resonator circuit. This thesis
focuses on designing and optimizing passive components (transmission lines, capacitors, and
inductors) implemented in a production 22-nm SOI-CMOS technology. Custom-designed
inductors with inductances of 1 nHand 2 nH are employed, achieving quality factors (Q)
greater than 30 at 10 GHz. These inductors are realized through the utilization of BEOL
Stack 11 and Stack 19 configurations in the 22-nm technology with varying shielding patterns.
Additionally, high-Q capacitors are implemented exhibiting Q factors surpassing 500 at
10 GHz, and an operational range validated by measurements up to 60 GHz. Balanced
transmission lines with Q factor greater than 150 at 25 GHz are also designed and
implemented. This high-Q value is explained with a new lumped-element equivalent circuit

model developed in this work.

A state-of-the-art, fully-integrated bridge resonator with a quality factor (Q) exceeding 50 at
8.5 GHz is introduced in this thesis. This level of performance is realized through circuit
design techniques and the integration of the custom inductor and capacitor designs.
Furthermore, the potential for application of this high-Q bridge resonator in the design of
a low-phase-noise RF oscillator is demonstrated, with post-layout simulations predicting a
phase noise below -131 dBc/Hz at 1 MHz offset for 8-GHz carrier frequency.
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Chapter 1

Introduction

Oscillators play a vital role in determining the overall performance of advanced data
transceivers. A key component in frequency reference generators, oscillators ensure the
accuracy, stability, and synchronization of electronic systems across a wide range of
applications, spanning from consumer electronics (e.g., computers, signal generators, audio
equipment) to critical infrastructure (e.g., medical devices, navigation systems, defense, etc.)
[1].

Oscillators are characterized primarily by their phase noise, frequency tuning range, and
output power level specifications. Phase noise is a measure of frequency stability, and refers
to short-term random fluctuations in frequency or phase. In many systems, the oscillator
characteristics set the performance and accuracy limits of the system. In a data transceiver, for
example, phase noise can affect data modulation and bit-error rate (BER) performance of a
communication link [2]. In a Doppler radar system, oscillator (carrier) noise reduces the ability
of the system to detect slow moving targets [3] [4]. In a phase-locked loop (PLL), the output
sees multiplication of the reference oscillator phase noise by a factor of 201log;,(N), in dB
[5], where N is the multiplication factor. This can limit the maximum usable frequency of the

synthesizer.

1.1 Motivations

The main motivation of this thesis is to develop high-Q passive components and resonator
circuits for use in higher performance oscillators. The output frequency of these oscillators can
range from a few GHz to hundreds of GHz, depending on the modulation scheme and
communication standard (wireless or optical fibre). The theory of oscillator phase noise
explained in Chapter 2 of this thesis, predicts that it is important to have a resonator comprised
of high-quality-factor (Q-factor) passive components. In typical L-C oscillators, a resonator
circuit is implemented using an inductor (L) and a capacitor (C) connected in parallel [6]. These



are low to medium Q (i.e., less than 20) on-chip resonators. High-Q resonators are typically

built using off-chip components.

A bridge-oscillator with high-Q discrete crystal resonator was first reported by Meachem
[7]. The Meachem’s Bridge Oscillator (MBQO) system was implemented using discrete

components in a low-frequency oscillator, as shown in Fig. 1.1.

Amplifier

X

+

e

Thermally- 7 Transformer  Transformer
Br

Controlled
Resistor

Zb2
=nrRb

Bridge-Stabilized Resonator

Fig. 1.1. Meacham’s Bridge Stabilized Oscillator (MBO) [7]

The bridge is comprised of four arms, one of them incorporating a crystal resonator.
Opposite the crystal is a thermally controlled resistive element, and impedances Z,; and Zj,
comprise the bridge balancing arms. The ‘balance point’ (i.e., |V | = 0, £V,,: = 0) occurs
when all four arms have equal impedances. If there is a difference between the impedances in
the balancing arms, an output voltage is created. Meacham’s bridge used two resistors with
slightly different values (e.g., Z,; = R, and Z,, = n,.R;, where n,. is a scaling constant) to
output a small voltage amplitude and a rapid phase change at the resonant frequency of the
crystal. The sharp narrowband response and 180° phase shift at balance gives the bridge

resonator higher selectivity and Q-factor than a comparable series or parallel L-C resonator.

The demand for a compact, small-size, and low-cost design for commercial applications can
be satisfied by monolithic integration. Compared to a simple series or parallel L-C resonator,
a bridge resonator holds the potential for improved Q-factor and oscillator phase noise
performance, thus forming the motivation behind this thesis. However, the MBO concept has

received little attention from on-chip oscillator designers. Partially monolithic prototypes were

2



published that use the MBO topology in high-frequency oscillators [8] [9]. However, none of
the reported designs are implemented on a single chip. Also, previous work has focused on
off-chip, high-Q resonators (crystal, resonant cavity, etc.). The aim of this thesis is to develop
a monolithic bridge resonator oscillator design with phase noise performance superior to
current L-C oscillators in the GHz frequency range. All passive components, biasing and
tuning networks must therefore be implemented on-chip to realize a fully integrated prototype.
The target phase noise for this work is <-130 dBc/Hz at 1-MHz offset from an 8-GHz carrier.

A fully depleted silicon-on-insulator (FD-SOI) CMOS technology from
GLOBALFOUNDRIES® [10] is used in this work to design and verify a prototype bridge
resonator circuit and design a low-phase-noise oscillator. Shrinking the MOSFET channel
length to 22 nm leads to a high gain-bandwidth product (f;), which enables circuit
implementations of millimetre-wave (mm-wave) frequencies. A buried oxide under the FET
channel raises the well breakdown voltage, which permits integration of cascode amplifiers
with output voltage swings beyond the 0.9 V supply. The capability to bias the back-gate of
SOl transistors enables speed to be traded off with power consumption via the control of the
threshold voltage [10].

1.2 Low-Phase-Noise Implementation with a Bridge Resonator

A simplified block diagram of the proposed oscillator is shown in Fig. 1.2. The circuit
employs an on-chip bridge resonator and two amplifier stages in a closed loop. The bridge
resonator offers the potential of higher selectivity and Q-factor to lower the oscillator phase-
noise, as described in Section 1.4.2. Two stages of amplification are employed: a low-gain
preamplifier first stage and a high-gain limiting amplifier second stage. The low-gain
preamplifier improves the output signal-to-noise (SNR) ratio of the gain stages, and dominates

phase noise performance.
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Fig. 1.2. Block diagram of the proposed IC bridge oscillator

1.3 Potential Applications

The proposed oscillator is a potential candidate for use in high-speed data networks. Global
internet data traffic grew 100-fold in the past decade, and it is projected to reach 5000
exabytes/month by 2030 [11]. One cause of this enormous increase in data usage is the
deployment of internet of things (IoT) devices. The demand for such high data rates is also
driven by new services for 5" generation (5G) communication systems [12] [13]. In a 5G
network, this growth implies a requirement for 1-10 Gb/s rates to wireless subscribers, 100
Gb/s in the wireless backhaul network, 1 Th/s in a metropolitan-area network (MAN), and 1

Pb/s for the core data transport network [14].

Optical fibre, with its comparatively large bandwidth, is employed in inter- and intra-
datacentre networks [14]. The high information carrying capacity (> 2 Pb/s) of fibre makes it
the perfect choice for backhaul data transport. Fig. 1.3 illustrates a simplified network diagram
for both wireless and optical fibre communication. Transceiver base stations (BTS) are

connected to the network by optical fibres.
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Fig. 1.3.Transceiver Basestation

Wireless sub-networks (e.g. Wi-Fi modems and mobile users) are connected to base stations
through routers. The local network is connected to other networks through gateways as shown
in Fig. 1.3. To support demand, systems capable of handling larger data throughputs are the
subject of intense research and development. From a high-frequency circuits point of view,
this has led a focus on wideband and low-noise analog interfaces. Fig. 1.4 shows the block

diagram of an optical transmitter, which is typically located at the BTS (see Fig. 1.3).

PLL
Synthesizer Electronic
‘l’ Driver v
|
Baseband > X
Data In—>  ioa) S | MZM  —>
X = Light
Output
(a) Optical fibre transmitter
Phase Low Pass Bridge
Detector Filter Oscillator
Frequency
> —>
Reference ('1; LPF Osc. _I

(b) PLL Synthesizer

Fig. 1.4. Block diagram of an optical transmitter
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It employs an optical modulator interfaced to an electronic driver (Fig. 1.4a) and a PLL
synthesizer (Fig. 1.4b). The oscillator is a key high-frequency building block of every PLL
frequency synthesizer (ref. Fig. 1.4b). The performance of the oscillator significantly affects

the overall efficiency of the data network.

1.4 Design Objectives and Challenges

In this section, specifications of a low-phase-noise oscillator using a bridge resonator are
described, and design specifications are linked to a simple phase-noise model.

1.4.1 Ultra-Low Phase Noise

Frequency stability of an oscillator is typically characterized by long- and short-term stability.
Long-term frequency instability is commonly caused by temperature variations that modify
the electrical parameters of various components, or by ageing of components in a system,
particularly the resonator [15]. Temperature shifts often cause a gradual drift in the frequency
of the output waveform. Short-term instability is caused by electronic noise within the system,
and it results in phase (PM) and amplitude (AM) modulation of the output waveform. These
modulations are a result of the additive noise from passive components in the oscillator, as
well as the effects of low-frequency noise (e.g., 1/f noise) from active devices on the output
carrier [16]. Therefore, short-term stability depends on the performance of the circuit. In a
typical L-C oscillator, the output signal is limited in amplitude, and AM noise is negligible.
The output signal (,(t)) of the oscillator is therefore, dominated by PM noise, which can be

modelled as,

A
V,(t) = Apse cos(wpset) + Oszc(pp [cos ((wosc - wp)t) — cos ((wosc + wp)t)], (1.1)

where w,t represents the random phase variation (PM noise), and ¢,, is the modulation index
[17]. Eq. (1.1) predicts that small phase or frequency changes in the output of the oscillator

result in modulation side bands at frequencies (wysc + wp) and (w,sc — w, ). If the phase and



frequency deviations are the result of a random noise process, the frequency spectrum will take

the form shown in Fig. 1.5.

P(w)

(wp N
—> ¥\11:Iz R

4 Wosc wp w

A

—W

Fig. 1.5. Oscillator output power spectral density vs frequency (w)

Phase noise L(w, ) is defined as the ratio of the single side-band phase noise power in a 1-Hz

bandwidth at a given offset frequency, w,, to the total carrier power.

1.4.1.1 Leeson’s Phase Noise Model

Leeson [18] predicted that oscillator phase noise, L(f,), in the region where L(f,) is
proportional to the square of offset frequency f,;:

2
L(f,) = 2o I1 4 (szQL) l (1.2)

2Pgyg

In eq. (1.2), fosc is the oscillation frequency, P,  is the average carrier power, Q,, is the
resonator’s loaded quality factor, f, is the offset frequency from carrier, k is Boltzmann’s

constant, T is absolute temperature, F is the amplifier noise factor (with respect to the resonator

impedance at resonance), and Af is the noise bandwidth (typically 1 Hz is assumed).

Eq. (1.2) predicts that Q;, is a key parameter for low-phase-noise designs. It is dependent on
the electrical performance of the passive components in the resonator. The numerator FkTAf
is driven by F, which cannot be calculated in a straightforward way. For example, Andreani

[19] proposed an estimate for F of 4(1 + y,) for a cross-coupled L-C oscillator, where y, is
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the channel noise factor of NMOS transistor. For long-channel devices, y, is 2/3 and FKTAf
is -195.5 dB at room temperature (Af is 1-Hz).

Leeson’s equation also predicts that raising the carrier power lowers phase noise. For

example, signal power P, for a class-A amplifier depends on the supply voltage (Vp¢) and
bias current (Ipc),

_Vnc _ Ipc

Pavg = Vims-Irms = E ﬁ (1.3)

Power stages that produce greater P, are therefore very relevant to low-phase-noise design.

To achieve a phase noise of -137 dBc/Hz at 1 MHz offset at 8-GHz, eq. (1.2) predicts that a
Q,, of 20 and P,,,, of 30 mW are required. This requires a supply voltage of at least 1.2 V with

a bias current of 50 mA, when estimated from eq. (1.3). In summary, a high-Q resonator (i.e.,
FKTAf

Q, > 20) and low-noise amplifier circuits (i.e., minimal 1/f noise, and < -180 dB)

avg
together can lead to a phase-noise performance better than -130 dBc/Hz as predicted from

Leeson’s formula.

1.4.2 High-Q Passives and Resonator

The resonator block of a simple L-C oscillator is typically comprised of an inductor (L) and a
capacitor (C) in parallel [20]. To sustain oscillations, a voltage or current is injected into the
resonator, and the inductive (X,) and capacitive (X) reactances transfer energy back and forth

at the resonant frequency,
1
Wosc = \/T_C

In practice, there are energy losses present in the inductor and the capacitor. This loss is

(1.4)

characterized by the quality factor (Q factor).



In the frequency response of the L-C resonator, the resonator Q factor at oscillation

frequency determines the ratio of frequency (w,s.) to bandwidth (Aw) [17].

Q0 = woee) = 25 (15)

A medium- to high-Q resonator (i.e., Q; > 20 at oscillation frequency of 8 GHz) is
comprised of low-loss L-C components, and is crucial to the design of low-phase-noise
oscillators. This work targets designing inductors with Q greater than 30 and capacitors with
Q better than 150 in the 22-nm FD-SOI CMOS technology.

The differential bridge resonator (ref. Fig. 1.2) designed in this thesis has four bridge arms,
two of them comprised of L-C resonators, and the remaining two (i.e., Z,, and Z,,) are
balancing arms. If there is an impedance imbalance between the balancing arms (i.e., Zp, #
Zp>), an output voltage is created at the output of the resonator. The resonator impedance is
inductive below resonance and capacitive at higher frequencies, with a 180-degree phase shift
as the frequency passes through resonance. Also, a phase discontinuity is caused by the error
voltage changing sign as the frequency passes through resonance. An example plot of gain and
phase response of a bridge resonator is shown in Fig. 1.6 for a resonant frequency (w,s.) of
8 GHz.

Gain Phase .
15 50 T
- 0 5
1.2- : <
: 100 £
— 0.9 - -
£ | : g
& 0.6 =0 o
 gal " 300 &
0'3__ 250 mV —» r Y
04— F400 £

3 6 9 12 15

Frequency (in GHz)

Fig. 1.6. Gain and phase of gain plot for the proposed bridge resonator

9



A non-zero error voltage (‘e’ in Fig. 1.2) of 250 mV is also present at the output at 8 GHz
due to a slight imbalance. Note that the phase response has a sharp discontinuity at resonance,
with a phase slope of 450°/GHz. This sharp, narrowband response is unique to the bridge
resonator, and leads to a high Q factor due to small Aw in €q.(1.5). The value of Aw is 0.28
GHz, which gives a Q of 29.

1.4.3 Benchmarking and Modelling Passive Performance

Benchmarking the performance of the passive components (e.g. transmission lines, inductors,
capacitors) in 22-nm FD-SOI CMOS technology is important for implementing high-
performance RF resonator and oscillator. Therefore, one of the objectives of this thesis is to
benchmark the performance of these passives by optimizing the designs and verifying their
performance. Moreover, the process design kit (PDK) does not provide some other passive
components necessary to implement the low-phase-noise RF oscillator proposed in this work,
such as autotransformer (discussed in Chapter 7). Therefore, custom layout passive designs are
crucial for ensuring optimum performance of the proposed on-chip design.

Considerable attention is also directed towards modelling the high-Q (> 150) transmission
lines demonstrated in this thesis. The objective is to develop a new lumped-element model for
such high-Q balanced transmission lines with floating shields with parameters which can be

extracted from measured or simulated data (e.g., from electromagnetic simulation).

1.4.4 Interfacing Circuit Blocks

Interfacing sub-blocks in the oscillator circuit has a significant effect on the circuit’s
performance. It affects the loading seen by each block, and therefore sets the gain of individual
sub-circuits in the loop. Therefore, the circuit blocks must be designed for specific input and
output impedances to maintain a high-Q response. This challenge is addressed by proper
selection of the loop and individual circuit topologies, and by adding tuning circuits where

necessary.
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1.4.5 Gain Control

For oscillation to begin, the circuit has to meet the two conditions [20]
L(wOSC) > 1 (16)
LL(wysc) = 2mn. wheren = 0,1,2 ... 1.7)

where L(w,sc) is the magnitude of the closed-loop gain, w,. is the frequency of oscillation,
and eq. (1.7) defines the phase of the closed-loop gain function. When these conditions are
satisfied, the oscillation builds up gradually. However, there must also be a mechanism to limit
the gain once the desired output amplitude is achieved. Hence, oscillators require gain control
[17].

There are two gain control schemes applied in most on-chip oscillator designs: automatic
gain control (AGC), or amplitude limiting. The choice depends on the performance
requirements. With the AGC approach, additional circuitry is needed which increases the
complexity, area, and power consumption [21]. A limiter (Chapter 8, Section 8.5 in [17]), while
simpler, can degrade the phase noise performance because of its non-linearity. In the proposed
design, the supply voltage and operating regions of the transistor limit the voltage swing and
the final oscillation output. The power amplifier of the proposed topology (see Fig. 1.2), is
used as the limiting block, as it clips the output amplitude when driven by a large signal. The
output voltage swing of the amplifier is limited by the supply voltage. High-breakdown-
voltage (1.8-V nominal supply) transistors are used to maximize the output voltage swing, and

hence the F,,,, in eq. (1.2) to reduce phase noise.

1.4.6 Robustness

It is important to provide robustness to processing and parameter variations, as designers do
not have full control over these physical phenomena. For example, high-Q resonators are
sensitive to manufacturing variations [22]. To address this challenge, the design needs to have
adequate margin for changes in manufacture, temperature, and supply voltage. This proposed

oscillator is provided with 5% — 8% performance margin to achieve the desired robustness
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determined by extreme case simulations, which consider the maximum and minimum
variations of capacitances and resistances provided by the 22-nm FD-SOI CMOS process
design kit (PDK).

Gain and frequency adjustments are incorporated into the design prototype to improve its
robustness. Loop gain is varied by tuning balancing component L, in Fig. 1.2. This changes
the bridge gain and the overall loop gain. The frequency of oscillation is controlled to within
+49% by varying a capacitor inside each resonator block. To minimize the additional circuit
noise, an array of switched metal-oxide-metal capacitors is used in the proposed design to
adjust the circuit [23]. A tuning circuit is also incorporated in the bandpass filter network at
the output of the preamplifier to control its centre frequency, as it controls both the oscillation
frequency and the loop gain. In this way, the peak-gain of the preamplifier is maintained within

the desired range. A digital code is used to control the switches used for tuning control.

1.4.7 Supply Voltage Constraints

The 22-nm SOI-CMOS technology used in this work offers transistors with a nominal supply
voltage of 0.8 V. The preamplifier stage of the oscillator prototype utilizes the 0.8-V
transistors. However, the relatively low supply voltage constrains the signal power at the power
amplifier output and thus the phase noise performance. To lower the phase noise, it is crucial
to have a large output signal power, as seen from eq. (1.2) and discussed in Section 1.4.1.
Therefore, 1.8-V breakdown transistors are used in the power amplifier stage to facilitate larger

output voltage swings and lower phase noise.

Also, the capacitors and switches have breakdown voltage limits (e.g., maximum voltage
limit for capacitors is typically 10 V). Therefore, signals across each of these should not cause
stress or damage. Custom designed capacitors are therefore used to achieve higher voltage

operation.
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1.5 Summary and Thesis Organization

The goal of this thesis is to achieve the lowest possible phase noise by designing and
integrating a novel circuit. Digital tuning is used to accommodate processing variations and
provide robustness. Power consumption is not a primary design consideration for this work.

However, it is an important area for future work.

The thesis is comprised of seven chapters. In Chapter 2, a literature survey of previous work
in low-phase-noise RF oscillators is presented. Passive components for use in the oscillator,
and their performance in the 22-nm SOI-CMOS technology are benchmarked in Chapter 3
(inductors and capacitors). Chapter 4 describes the design and implementation of novel on-
chip, high-Q bridge resonator. Advanced transmission line designs intended for application as
high frequency resonators are described in Chapter 5. In Chapter 6, the proposed oscillator
circuit topology and methodology for its design are described. Chapter 7 demonstrates the
design of active circuit blocks, and the system integration of the oscillator. This chapter also
documents post-layout simulation results for the complete prototype. Finally, concluding
remarks and a proposal for future work are presented in the last chapter of the thesis.
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Chapter 2

Background and Literature Review

In this chapter, fundamental concepts of RF oscillators and their theory of operation are
explained. A literature survey of previous work in RF and mm-wave oscillator design for

integrated circuits is also presented.

2.1 Fundamentals of Resonators and RF Oscillators

An RF oscillator is a non-linear circuit that converts DC power to an RF waveform. There are
several techniques that are used to construct an oscillator. Two approaches are: 1) use of
positive feedback through a frequency selective element, or 2) destabilizing a resonator with a
negative resistance [17]. A block diagram illustrating a positive feedback oscillator is shown
in Fig. 2.1. The major circuit blocks of an oscillator are: the frequency-selective filter §(w),

and A(w), which is an amplifier.

Blw) [

Fig. 2.1. Feedback oscillator block diagram

A linear model for the oscillator may be used to capture the start-up phase of operation, when
v, is a small signal [23]. The gain of the amplifier, A(w), is a function of angular frequency,
®. From linear circuit theory, the output voltage v, is given by

__ Al 2.1
P T T WA &
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The feedback network is a bandpass filter with resonant frequency, w,s.. When the
denominator in eq. (2.1) is zero, the small-signal closed-loop gain approaches infinity, and an

oscillation starts at w,s., Which is the resonant frequency of the 8 (w) filter block.
|1 - ﬁ( wosc)-A((‘)osc)l =0, (2-2)
which gives L(wyse) = B(wpse) - Alwpge) = 1. (2.3)

The conditions for oscillation are described by Barkhausen’s criteria [24] in eq. (1.6) and
(1.7). Eq. (1.6) states that, the gain of the amplifier at w,. (i.e., A(w,s:)) Must be sufficient to
compensate for losses in the filter, 8( w,s.). The second condition (eq. (1.7)), states that the
closed-loop phase shift must be an integer multiple of 360°. For an oscillation to start, there
must be an initial disturbance in the feedback loop. This may arise from a start-up transient or
thermal noise present in the oscillator components. At start up, the loop gain is greater than
one and electronic noise is amplified and filtered by the loop. As the oscillation progresses and
the amplitude increases, the output voltage of the amplifier also increases. If there is no
dedicated gain control circuit, it reaches the non-linear limits of the amplifier circuit, which
constrain the oscillation voltage, v, to v,.. At this point, the loop gain is unity. Amplitude
limiting is often determined by boundary conditions such as the supply voltage and triode or

cut-off regions of the FET transistors in the amplifier.

2.2 ldeal Oscillator Characteristics

For an ideal oscillator, all RF output energy is confined to a single frequency. The frequency
spectrum consists of a single tone with infinitely narrow bandwidth centred at the operating

frequency of the oscillator, w,... Fig. 2.2a shows the spectrum of an ideal oscillator.
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Fig. 2.2. Oscillator output spectrum

The output from any practical circuit is modulated by random amplitude and phase
fluctuations. This results in unwanted sidebands in the spectrum as shown in Fig. 2.2b. Along
with sidebands associated with the fundamental frequency, there are also harmonics with noise
sidebands in the spectrum at higher frequencies generated by non-linearities (e.g., amplitude

limiting) of the oscillator circuit.

2.3 Importance of Resonator Q from Oscillator Phase Noise Model

As mentioned in Section 1.4.1, phase noise is the short-term instability of the oscillator output
caused primarily by phase modulation. The fundamentals of phase noise are explained in detail
in Appendix A. Modelling the phase noise of the oscillator analytically with respect to the
transistor bias current, transistor size, and values of the resonator components is important for
design purposes. In this section, a linear theory that estimates the phase noise in an oscillator

is presented.

2.3.1 Leeson’s Model

In this section, Leeson’s model is analysed for further understanding [18]. The model is
developed from the oscillator feedback block diagram of Fig. 2.1. However, the response of

the amplifier and the bandpass filter inputs and outputs are described in the phase (rather than
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voltage) domain. The model applies to frequency-selective feedback oscillators with moderate-

and high-Q resonators.

The one-sided transfer function B(ﬁ,) of a bandpass filter resonator centred at f,. is the

low-pass response [17]

Bh) =— zlfp — o (2.4
1jo (g2 -) 1+ ()

where f, is a frequency offset from the carrier f,. that is assumed to be much smaller than
fosc. Parameter Q; is the loaded Q of the resonator. In Leeson’s model, a noise-free amplifier

is preceded by a phase modulator, as illustrated in Fig. 2.3.

Salfp)
Noise-free FKTAf
Sa(H) Amplifier Payg :
So(f) |
0 fcorner fp
Phase 0 . . .
Modulator (b) Amplifier noise power spectral density
B(fp)
LPF DC gai
B [«
Lowpass filter (LPF)
fo
(a) Oscillator feedback model in the phase domain (c) Transfer function of the LPF

Fig. 2.3. Leeson’s linear feedback model [17]

The noise power spectral density (PSD) of the amplifier drives the phase modulator. The
PSD has a 1/f spectral density region from DC up to the 1/f noise corner frequency, f.orner
and a white noise region, with a constant power spectral density kTF, above the 1/f corner

frequency. Here, F is the amplifier noise factor with respect to resonator impedance seen at

f;)SC'
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The phase variable at the output of the loop (6, (fp)) can be written as

0o(fy) B(fo) + 0,(f) = 6(f3). (2.5)
00(15) = 29 = 0,(5) (1 + ) 26

The output noise power spectral density, S, (f,), defined from S, (f,,) and B(f,) in Fig. 2.3

is

So(fp) — SA(/?J) _ FkTAf <1 + fcorner)

11-B8(5))°  Fuws fo

fOSC ?
el e

The single-sideband phase noise, L(fp), is the single-sided noise power spectral density in a
1-Hz bandwidth (Af).
+ < fOSC >2
2£,Qy,

From eq. (2.8) it is noted that, there are four distinct spectral regions: 1/f3,1/f2,1/f, and

So(f,) FkTA
L(fy) === = ZPWf !

fcorner
<1+ 7 ) (2.8)

1/1° (i.e., flat, as seen in Fig. 2.4). For low- to medium-Q resonators (e.g., Q factor less than
50), the 1/f3, 1/f2, and 1/f° regions dominate. The 1/f regime appears only for very
high-Q resonators (e.g., a quartz-crystal resonator with Q-factor greater than 100). Raising the
signal power (F,y4) lowers the phase noise, L(ﬁ,). Therefore, amplifier stages in an oscillator
that produce greater F,,,, gives better phase noise performance. The focus of this work is on
1/f? regime performance, because a low-Q resonator is assumed. A phase-locked loop (PLL)
synthesizer typically suppresses phase noise in the 1/f3 and a portion of the 1/f?2 regimes.
Finally, maximizing the loaded Q-factor (i.e., Q;) is a key parameter that demands attention to

the design of the resonator circuit.
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2.4 Literature Review of Passive Components

Leeson’s formula predicts the significance of high-Q passive components in the design of low-
phase-noise oscillators. Numerous work have been done towards improvement of on-chip RF

passive components such as inductors, capacitors and transmission lines.

Transmission lines (TLs) are used as interconnects, resonators, inductors, and transformers
on an integrated circuit (IC) [25]. Single microstrip lines in 0.13 um CMOS technology were
reported with peak Q of 23 at 30 GHz in [26] and 28 at 25 GHz in [27]. Reduced metal
thickness and spacing, and dielectric permittivity (k) between interconnects of scaled
technology create challenges for high-Q designs because of increased equivalent series
resistance (r). Transmission lines resonators used in low-phase-noise oscillators requires Q
greater than 50, or low attenuation constant for a narrow-band operation [28]. No literature has
documented the realization of on-chip transmission lines in silicon with Q values greater than
100. This work presents design of transmission lines with Q value greater than 100 for narrow-

band operation around 10 GHz (in Chapter 5).

The drive to build higher performance RF circuits in the millimetre-wave (mm-wave)
frequency bands (30 GHz-300 GHz, in air) is motivating electrical modelling of transmission

lines on asilicon chip. A lumped-element circuit model of transmission lines that is compatible
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with time-domain (e.g., SPICE) simulators is required for circuit design [29], [30], [31], [32].
In [33], J. Zheng, et al, proposed models for both CPW and microstrip coupled lines that use
modified quasi-static spectral domain electromagnetic approaches, hybrid conformal mapping
technique, and complex image method to extract the frequency-dependent elements, which
makes this approach cumbersome for practical design work. A lumped-model for coupled
CPW-type lines is proposed in [34], where a frequency asymptotic technique is used to
calculate model parameters from distributed parameters. This does not provide closed-form
equations for the model parameters. On the other hand, a model based on simpler structural or
geometrical calculation is demonstrated in [35]. However, this model is only described for a
single line. The reported lines in the above mentioned work are not shielded from substrate
loss, and do not consider high Q-factors (i.e., greater than 100). Therefore, a model that can
accurately predict the behaviour of balanced and single-ended lines on silicon is required,
which is compatible with differential circuits, and can also be applied to both shielded and

unshielded implementations.

Capacitors and inductors are typically used to implement L-C resonator circuits on a chip.
Two capacitor implementations in the 22-nm CMOS technology are metal-oxide-metal
(MOM) and alternative polarity MOM (APMOM). MOM capacitors are formed with
interdigitated metal fingers. ASPMOM capacitors have similar interdigitated fingers but also
alternative polarity fingers placed in the vertical direction. MOS capacitors are also used
widely due to their voltage controlled tuning property. However, they have lower Q-factor than
MOM/APMOM capacitors. Capacitors constructed using BEOL metals offer better linearity,
high Q-factor, and very small temperature variations [36]. MOM capacitors are often preferred
for RF and mm-wave integrated circuits (1Cs) over APMOM because of their lower fabrication
cost and high capacitance density [37]. This is why, they are used extensively in RF/mm-wave
circuits where high-Q capacitors are required. In addition to minimising energy loss due to
small equivalent series resistance, high-Q capacitors reduce thermal noise which helps in

maintaining desired signal-to-noise ratios.
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Table 2.2 shows performance of selected capacitors and inductors offered by the 22-nm
FD-SOI CMOS process design kit (PDK) [38]. Two types of capacitors are shown: 1) MOM
and 2) alternative polarity MOM (APMOM). The maximum operating frequency is defined by

self-resonant frequency (SRF) in Table 2.2. The PDK capacitor cells are implemented using

lower-level BEOL metals, but not the thick top metals. This increases capacitance density but

also the electrode series resistance is increased. The limited oxide thickness between the

capacitor electrodes and the shield increases their parasitic capacitance. Therefore, custom

capacitor designs are required to achieve Q greater than 100 (at 10 GHz) and higher operating

frequency. In Table 2.2, operating voltage is also mentioned (e.g., MOM-7V has operating

voltage limit of 7 V).

Table 2.1. Performance of passive PDK cells in 22-nm FD-SOI CMOS technology [38]

Passive type Layout type

MOM-7V

Capacitor MOM-10V

APMOM-5V

Passive type  Layout type

Symmetric

Symmetric
Inductor .

Symmetric

Symmetric

BEOL
option

Stack 11
Stack 19

Stack 11
Stack 19

Stack 11
Stack 19

BEOL
option

Stack 11
Stack 11
Stack 19
Stack 19

Capacitance
(pF)

1.95

0.80

1.00

Inductance
(nH)

0.35
2.80
0.45
2.00

Q factor
At 10 GHz

19

21

26

Single Ended
Peak Q factor

17.6 at 18 GHz
13.6 at 2 GHz
21 at 18 GHz
19 at § GHz

SRF (GHz)

>50

>50

>50

SRF (GHz)

78
11
>50
40

The symmetric inductor PDK cell performance for multiple inductance values is also shown

in Table 2.1. Q factor values in the range of 20 are achievable from the 2-nH PDK inductors.

Their performance is also limited in breakdown voltage and peak Q factor like the capacitor.

21



2.5 Resonator based Oscillator Topologies and Literature Review

The oscillator circuit topologies of interest for RF/mm-wave applications may be classified
according to the type of resonator, e.g., a crystal oscillator or a cross coupled LC-VCO
(voltage-controlled oscillator). Crystal oscillators use high-Q, off-chip quartz-crystal
resonators. The parallel inductor-capacitor (i.e., L-C) resonator, or tank, of the LC-VCO is
often found in on-chip implementations. Notable work in the development of low-noise RF
L-C oscillators is reviewed in this section.

2.5.1 L-C Oscillator Topologies

L-C oscillators hold a prominent position in the published literature of RF integrated
oscillators. There are multiple ways of constructing an L-C bandpass filter network and
amplifier to form an L-C oscillator. Common types of feedback L-C oscillators are the Hartley
[39], Colpitts [40], Armstrong [41], and Clapp [42] circuits.

The Colpitts oscillator remains a fundamental component in RF oscillator design due to its
simplicity, reliability, and performance. However, phase noise performance of the Colpitts
oscillator was shown theoretically by Andreani, et al. [43] to be inferior to the cross coupled
L-C circuit.

L-C oscillators may be classified according to the class of amplifier employed. This is
determined from the design and DC biasing of the amplifier in the feedback loop (e.g., classes
A, B, C, and F). The load of the amplifier in the cross coupled L-C oscillator is the resonator
tank. The amplifier’s class of operation depends on the DC bias condition which controls the

power efficiency (r,,) of the amplifier, given by [17]

Pavg _ Irms- Vrms

np = =17, (2.9)

PDC IDC' VDC

where I, and V., are the effective values for the fundamental components of current and
voltage at the amplifier output. The supply voltage and bias current are V. and Ip,

respectively. Parameter n; is the current efficiency, and 7y is the voltage efficiency. The
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different classes can be explained from the transistor bias or quiescent point (Q-point). This is
illustrated in Fig. 2.5 [44].

Ip Idealized |-V In pelevel

characteristic curve remains fixed
DC level

changes

Class B / DC level and conduction
E /\/cycle changes

Vps ClassA  ClassB Class C time

Npmax = 50%

Npmax = 78.5%

Npmax = 100%

Fig. 2.5. Bias points for different amplifier classes [44]

Fig. 2.5 shows the idealized I,Vvs V¢ characteristics of a MOSFET, which is the DC drain
current (I,) plotted against varying drain to source voltage (V). Different bias points (i.e., I,
and V) for the different classes of operation are also shown. For class-A operation, the bias
point is in the linear region of the transfer characteristic. Therefore, the output current has a
complete swing for the full cycle as shown in the red curves. The percentage of conduction per
cycle gradually decreases for class-B and class-C, as the bias point moves close to the cut-off
point (marked as class-B and class-C in Fig. 2.5). This increases efficiency (n,,) from 50% for
class-A to close to 100% for class-C (as the current waveform approaches an impulse
response). Other classes of operation (e.g., D, E, F, etc.) have been developed to optimize the
efficiency further [45] [46]. For example, class-F amplifiers are formed by adding filters at the

output of the amplifier to shape the output waveform and increase RF efficiency [47].
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Typically, efficiency improves at the expense of lower small-signal gain (required for oscillator
start up).
The amplifier DC bias therefore controls the power efficiency (n,,) and rms output power,

Py, Of the oscillator, which affects the phase noise. The relationship between L(fp) and n,, of

the oscillator can be derived by substituting eg. (2.9) in eq. (2.8)

FETA se )\ sorner
L(;;,)z—z PDC_; [H(Z;pQL) <1+ffp ) (2.10)

Eq. (2.10) demonstrates that phase noise decreases with the increase of power efficiency.
All of the above mentioned classes of amplifier topologies have been used to build high-
frequency and low-phase-noise oscillators. For example, for an L-C cross coupled oscillator,
the current waveform defines the class of operation, because the filtering by the parallel L-C
tank results in a sinusoidal output voltage for all amplifier classes. When operated in class-A,
the current flowing in the tank is sinusoidal with a conduction angle of 360 degrees. In classes
B and C, the conduction angle of the drive current is considerably less than 360 degrees, which
conserves DC power and can improve oscillator efficiency [48], [49], [50]. Some examples of
different classes of cross coupled L-C oscillators are described in the following sub-sections.

2.5.1.1 Cross Coupled L-C Tank Oscillators

The cross coupled L-C oscillator (see Fig. 2.6) dominates the RFIC literature due to their
simple topology and relatively good phase noise performance. It consists of a differential
amplifier driving a parallel L-C resonator with unity feedback. Components L and C; in

parallel with Ry (representing the ohmic loss of L and C) form the resonator tank.
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Fig. 2.6. Class-A cross coupled L-C oscillator

The Q-points of M; and M, are set near the middle of the transfer curve so that the transistor
avoids triode and cut-off regions and therefore operates in class-A at start-up. Therefore, both
transistors conduct current for the full cycle of the output waveform. This means the maximum
current in each transistor during a cycle is I,. The maximum differential output voltage-swing
across Ry can reach to 4V, because of energy storage in the inductor. The maximum possible

power efficiency is thus calculated from eq. (2.2)

Ipc4Vpp

Mpacmax = mstms — 2 & _ 05 % 100% = 50% . (2.12)

IpcVpc IpcVpp

At steady state the oscillator operates in class-B where only one transistor conducts current

for only half of the time period increasing the power efficiency [19].

Cross coupled L-C oscillators are one of the simplest topologies to implement. Therefore,
they have made a significant impact on RF oscillator literature [19] [51]. In [19], Andreani
demonstrated 2.3-GHz L-C oscillator that shows a phase noise of -144 dBc/Hz at 3 MHz offset.

In practical cases, the tail current generator I, (Fig. 2.6a) also produces phase noise. The
phase noise can be improved by placing an additional LC-tank, resonating at 2w, at the tail

[52] [48] [49]. This is known as explicit common-mode (CM) resonance technique. This is
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shown in Fig. 2.7a. The high impedance due to resonance at 2w, filters out noise current of

the tail current source at 2w,

A potential drawback of the explicit CM resonance technique is the requirement for a second
L-C tank. In addition, the common-mode impedance of the main tank at 2w, degrades the
effectiveness of the tail inductor. These factors can be mitigated by using a single tank that has
two distinct resonant modes: a differential mode that resonates at w,.., and a common mode
that resonates at 2w,,z.. This can be done by introducing coupling between the inductors in the
main tank (L/2) [53]. The common-mode resonance is tuned by the coupling factor k (see Fig.

2.7b). However, in common-mode, the coupling between the two tank inductors reduces the
effective inductance by a factor of 2(kv'L).

L/2 L/2 Ct Ct

\ N
o L2 o LI2
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1z Cv
N

Rt
Vout+ o

(a) Explicit CM resonance (b) Implicit CM resonance

Fig. 2.7. Implicit and explicit common-mode resonance techniques

Optimized performance is achieved by combining the implicit and explicit resonances as
proposed in [48] and [49]. In [49], Hong presented the dual common-mode (CM) resonance
technique in a high-frequency oscillator implementation. The low implicit CM impedance
problem is addressed by introducing a low-loss CM current return path to maintain a required
resistive CM impedance across the entire 2w, band. Hong’s oscillator shows phase noise of

—121.7 dBc/Hz at 1-MHz offset frequency from an 8-GHz carrier.
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In a class-C amplifier, the bias point is chosen such that the device current is zero for more
than one-half cycle of the sinusoidal input signal (see Fig. 2.5). Class-C oscillators show better
phase noise performance than class-B by shaping the fundamental drain current into an
impulse-like waveform with a tail capacitor. However, class-C oscillators exhibit inevitable
start-up problems owing to low-gate bias voltage (i.e., lower than threshold voltage as shown
in Fig. 2.5), which causes insufficient MOSFET transconductance and amplifier gain of the
cross-coupled differential pair.

In a recent work, a 19.7-GHz class-C, oscillator implemented in 65-nm CMOS that ensures
a robust start-up is reported in [50]. The proposed start-up scheme uses a voltage converter
that supplies a time-varying bias voltage to the core transistors depending on the output state
of the oscillator. The circuitry is enabled during start up, so power consumption is minimized
without phase noise degradation. The measured minimum phase noise at a 1-MHz offset is
reported to be —106.33 dBc/Hz at an oscillation frequency of 19.7 GHz (ref. Table 2.1 column
6).

2.5.2 Other L-C Oscillator Topologies

There are other oscillator topologies reported in the literature which were developed to
optimize the resonator Q. In some cases, combining two or more of the previously described
topologies leads to a circuit with better phase noise. Examples are transformer coupling applied
with other amplifier classes [54] [55], cascode transistor techniques [56] [57], and common-

mode resonance techniques by using multi-resonator tanks [55].

2.5.2.1 Transformer-Coupled Oscillator

A transformer-based tuned oscillator concept illustrated in Fig. 2.8a was initially proposed
by Visweswaran, et al., in [58]. Hard limiting of the output voltage swing is proposed. Even
or odd harmonics are filtered with tuned transformers to shape the output signal for better
power efficiency. This concept was later used by Babaie and Stasziewski to demonstrate a
harmonic-tuned L-C tank with transformer coupling in a class-F oscillator [59] (ref. Table 2.1
column 2). One drawback of using a transformer is that it increases the complexity of the tank
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design because of loading requirements, as on-chip transformers typically have lower quality
factors than simple inductors. The drawback is mitigated by the steeper phase response offered
by the transformer-based resonators with respect to a simple L-C tank for the same Q-factor
[60].

In [61], another transformer based 1.6-GHz class-F2 oscillator that makes use of second
harmonic tuning was reported by Babaie and Stasziewski. This utilizes the explicit CM
resonance concept discussed in Section 2.5.1.1. It exhibits phase noise of -139 dBc/Hz at
3-MHz offset from an 8.7 GHz carrier (ref. Table 2.1 column 5).

The transformer coupled harmonic tuning concept may be extended to other oscillator
classes. In [54], transformer coupling is implemented in a class-C oscillator where the
resonator is comprised of two asymmetric L-C tanks which are transformer coupled. The
circuit is shown in Fig. 2.8a. The coupling coefficient of the transformer is designed to be as

high as possible to increase the resonator Q factor.

2.5.2.2 Stacked Oscillator

For low-phase-noise performance, it is important to maximize the output signal power, leading
to high output voltage swings as seen from eq. (2.8). Cascoding, or ‘stacking’ multiple
transistors (illustrated in Fig. 2.8b [57]) realizes greater output voltage swing although, the
transistors still operate within their safe operating range. Total output voltage swing can be

higher than each transistor’s breakdown voltage.

A 5-GHz oscillator that uses high-Q (e.g., more than 20), single-turn, nested differential
inductors to achieve even-harmonic shaping, was proposed by El-Aassar, et al. [57]. The
complementary nature of NMOS and PMOS transistors is exploited to achieve second- and
fourth-harmonic common-mode resonances using differentially driven symmetric inductors
with 1.3 times peak Q-factor compared to the conventional single-ended tail filter [62]. The
oscillator phase noise is reported —127.6 dBc/Hz at 1-MHz offset at 5.4 GHz oscillation
frequency (ref. Table 2.1 column 4).
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Fig. 2.8. Transformer coupled and stacked transistor topologies

2.5.2.3 Multi-resonant Tank Oscillator

Instead of using a single resonator tuned to a harmonic, multiple resonators may be used to
suppress more than one harmonic component of the output signal current. A class-F23
amplifier is proposed in [55], where a combination of second- and third-harmonic common-
mode (CM) resonance technique is applied to increase the resonator Q. It
exhibits -112.2 dBc/Hz at 1-MHz offset for an oscillation frequency of 16.8 GHz.

2.5.2.4 Performance Summary of L-C Oscillators

Table 2.1 summarizes the performance data of the topologies covered in previous sections.

The table includes state-of-the-art prototypes based on their phase noise performance.
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Table 2.2. Performance summary of selected RF L-C oscillators from the recent literature

references | 1SSC’13 | ISSC'15 | SSC-L20 | ISSC*21 Tcgs ' jsscry
[59] [61] [57] [63] [53]
[50]
Technolo 65nm 65nm 22nm 22nm 65nm 28nm
% | cmos | cmMos | FD-SOI | FD-SOI | CMOS | CMOS
Class-F | Class-F2 Cascode Dual- Implicit
Tooolo with 1 with 2 Comple- Core Dual CM CM
pology trans- trans- P Folded | Resonance Reso-
mentary
former formers CM nance
Frequency 7.4 8.7 47554 | 8t017 | 8t0o11.15 | 4.7-54
(GHz)
Vpp (V) 1.25 13 06 0.45 1 07
Ppc (MW) 15 41.6 1?;52_2“’ 17t033 | 5106 05
PN (dBc/Hz) 1276t0 | -119.1t0 | -121.7to
@ 1MHz -125 -128.5 1287 | -1123 | -1148 -
PN
(dBc/Hz)
Normalizedto | 15135 | 12923 | -12520 | -1191 | -1217 | -113.74
8-GHz
fosc1
1-MHz offset
FOM
(dBc/Hz) 1925 | 1916 | 191to 193 1%58§0 11%% 0| 19419
@ 10 MHz : :
Core Area 0.13 0.2 0.2 0.39 0.126 0.18
(mm2)
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Phase noise (PN) is normalized to a specific offset (f,,) and carrier frequency (f3), for ease

of comparison. The normalization formula used in Table 2.2 is

L(fp2)l,, = L(fpn)l, = 2010gsg (fl) +20 logy, <fp1>, (2.12)

f2 foz
Where L(fp2)|f2is the phase noise at offset f,,, for carrier frequency f;, and L(fp1)|f1is the
phase noise at offset f,,; for carrier frequency f;.
From the normalized PN row, it is seen that a class-F circuit offers the best performance [59]
[61]. Multi-resonator tanks offer improved phase noise for any class of oscillator [63], [50].

Also, for scaled CMOS technologies, the core area decreases for similar phase noise

performance.

2.5.3 Crystal Oscillator Topologies

Crystal oscillators emerged during the 1920s [64] [65]. Noteworthy contributions include
Sabaroff's quartz crystal version of the Colpitts L-C oscillator in 1937 [66], and Meacham's
bridge stabilized oscillator circuit in 1938 (ref. Fig. 1.1) [7]. The post-World War Il era
witnessed a significant infusion of resources into quartz crystal development. A major reason
for the wide use of crystal oscillators is their high Q factor. A typical Q value for a quartz
oscillator ranges from 10* to 10°, compared to less than 100 for an L-C oscillator [6]. High-
Q crystal resonators have minimal energy losses at resonance. The amplifier in a traditional
L-C cross coupled oscillator produces negative equivalent resistance [17], as shown in Fig.
2.9.
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Fig. 2.9. Cross coupled L-C oscillator model [67]

Quartz-crystal resonators are typically modelled as series resonators. The equivalent series
resistance of a high-Q quartz-crystal resonator is very small due to minimal energy losses at
resonance. To implement an L-C topology with a quartz-crystal resonator having low
equivalent series resistance therefore needs the absolute resistance value of the negative
resistance cell to be also low. It is seen that this negative resistance value is inversely
proportional to the gm of the FET transistor [17]. Therefore, to achieve a lower absolute value
of resistance (e.g., less than |-1| Q), the gm needs to be very high. Because of this,
implementing a cross-coupled L-C oscillator topology with a high-Q crystal oscillator is not a

great choice.

Fig. 2.10 shows a block diagram of a quartz-crystal oscillator [68], where a discrete crystal

resonator is used with an amplifier and a phase shifter in the positive feedback loop.

Quartz crystal ||]‘
—D—) Output
Phase shifter@z [-

Buffer amplifier

_D_ Coupler

RF amplifier

Fig. 2.10. Quartz-crystal oscillator [68]
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Development of VHF (very high frequency) crystal oscillators [69] using vacuum-tube
amplifiers [70] dominated the 1950s decade. However, vacuum-tube oscillators have
limitations in lifespan and maintenance. Efforts were directed towards optimizing single-tube
oscillator circuits, driven by the advantage of reduced maintenance compared to their two-tube
counterparts. Amplifying this trend, Firth's 1965 design handbook extensively delved into the
Pierce circuit and the Butler common-base harmonic circuit [71]. Vacuum tubes allow for
substantial voltage swings operating within power supply voltages of 150-300 V. The use of
large voltage swings introduced risks such as exceeding the crystal's dissipation limit or
inducing fractures in the crystal. The pursuit of efficient oscillator circuits required a delicate
balance between maximizing power output and mitigating potential drawbacks associated with
vacuum-tube technology [6].

With the advent of transistor and integrated circuit (IC) technologies, the focus shifted
towards reoptimizing the oscillator performance. The adoption of scaled size and lower power
supply voltages in transistor circuits mitigated problems such as crystal overdrive (large power
driven by the crystal), rendering them more manageable.

2.6 Bridge Oscillator for Low Phase Noise

The bridge-stabilized crystal oscillator was disclosed by Meacham in 1934 [7]. The block
diagram is illustrated in Fig. 2.11 is comprised of a bridge resonator with four branches
(crystal, R,, Ry, and lamp). An error voltage (e) is created at the output of the resonator when
R;is unequal to R, (i.e., the bridge is unbalanced). This can give a steep phase response in the

error voltage ‘e’ at the resonant frequency (as described in Section 1.4.2).
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Fig. 2.11. Meacham bridge crystal oscillator [7]

The Meacham bridge oscillator (MBO) was demonstrated as a low-frequency discrete
circuit. Other prototypes were published using the MBO topology in high-frequency
oscillators. Among them, Sooy, et. al., used a resonant cavity and travelling-wave tube
amplifier to build an X-band oscillator [8]. Another work by Papez and Papezova describes a
differential circuit with series L-C resonators [72], but in simulation only (i.e., implementation
results were not shown). An op-amp version of the MBO oscillator is presented in [9]. Previous
work has demonstrated excellent performance with off-chip, high-Q resonators (e.g., crystals,

resonant cavity, etc.).

2.7 Summary

This chapter covered the fundamental ideas and theories related to low-phase-noise RF
oscillators. The significance of designing a high-Q resonator based on theoretical principles
was explained. The literature review included an overview of resonator types like traditional
on-chip L-C oscillators and off-chip high-Q crystal oscillators. Finally, the motivation of this
work, which is the discrete MBO crystal oscillator from 1934, is outlined along with the design

implementation challenges.

34



Chapter 3

Lumped-element On-chip Passive Design

This chapter describes lumped-element passive design in the 22-nm SOI-CMOS technology.
Inductors and capacitors are designed, fabricated, and their performance are characterized. The
purpose is to benchmark library models and to develop custom designs for the RF and
mm-wave frequency range that may be applied to an integrated bridge oscillator. Two
back-end of line (BEOL) metal options are used for this study.

3.1 Inductors

This section describes inductor specifications, designs, and physical parameters. Inductor
design and benchmarking are major tasks of this project, as inductors are commonly used in
resonators, matching and filter circuits on-chip. In this work, inductors will be used in the
design of bridge and the bandpass filter circuits. Spiral inductors of 1-nH and 2-nH values were
developed with two different substrate shielding patterns to benchmark the 22-nm SOI-CMOS
technology using BEOL options Stack 11 and Stack 19. Stack 11 has three top metal layers of
2.9-um (LB), 3.3-um (OI), and 1.04-um (JA) thickness, whereas Stack19 has 2.9-um (LB),
3-um (QB), and 3-um (QA) thickness top metals.

An important figure of merit for the inductor is the quality factor (Q;,,4) [73]

o= (22|

where w, is the frequency where the derivative is calculated, and Y;, is the one-port Y-
parameter of the inductor. The ratio of imaginary and real parts of Y;, inside the arctan function
of eq. (3.1) is very often and incorrectly referred to as the inductor Q-factor in the literature

0 _ Im(Yy4)
conv Re(yll) .

(3.2)
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At the self-resonant frequency (SRF), Q.ony 1S Z€ro, although the actual Q factor (Q;,,4) iS

finite.

3.1.1 Stack-11 and Stack-19 inductors

Inductors designed using different BEOL metals and substrate shield types are fabricated in
the 22-nm SOI-CMOS technology and characterized. The custom designed inductors are
referenced in this thesis by the name: ‘Metal_shieldX_stackY_ZnH’. ‘Metal’ is the metal layer
used for the coil, ‘X’ is the shield type (1 or 2 as discussed in Section 3.1.1.1), ‘Y’ is the stack
number (11 or 19), and ‘Z’ is the inductance value (1 nH or 2 nH). To compare the performance
with inductors available in the PDK library, two inductor layouts with comparable inductance
values are selected. They are named ‘Metal symindp_layout stackY ZnH’.

Top-metal LB in Stack 11 is used for one set of designs, as it gives the thickest dielectric
separating the coil and the substrate. To increase the effective conductor thickness, LB and Ol
metals are shorted together (LBOI stack) in a second set of designs. Similar approaches are
taken to the design of inductors implemented in Stack 19 where LB and QB are shorted. To
take advantage of thicker QB and QA metal layers in Stack 19, a separate set of QBQA stacked
inductors are designed. However, the dimensions and number of turns of these stacked metal
inductors differ from LB-only planar inductors, to optimize both Q factor and physical area for
the same inductance value. Stacking of metals increases the effective conductor thickness and
reduces both resistance and inductance of the coil. Because of this, the 1-nH stacked inductors
have 3-turns to compensate for the inductance reduction due to the increase in effective metal
thickness realized by metal stacking. Physical layouts of the prototype inductors are shown in
Fig. 3.1 and Fig. 3.2.

36



(a) LB(No Shield) (b) LB (Shield1) (c) LB (SH:ieIdZ)

Fig. 3.1. Top view of the physical layouts of 1-nH LB inductors and substrate shields

ot

B H
(a) LBOI (No Shield) (b) LBOI (Shield1) (c) LBOI (Shield2)

Fig. 3.2. Top view of the physical layouts of 1-nH LBOI stack inductors and substrate
shields

3.1.1.1 Inductor shielding

Two different substrate shields are designed. Floating shieldl (Fig. 3.1b and Fig. 3.2b) is
designed with overlapped floating shield fingers in C1 and C2 metals. Fingers are placed
horizontally, vertically, and at a 45" angle to shield all segments of the coil, as shown in the
top view of the physical layouts of Fig. 3.1b and Fig. 3.2b. Floating shield2 (Fig. 3.1c and Fig.
3.2¢) is designed with only horizontal fingers implemented in C1 and C2 metals. Floating
shieldl offers greater shielding of the coil from the substrate compared to floating shield2 due
to the 45°(angled) segments shielding each corner. Simulation results comparing Q;,,4 of
shielded and unshielded inductors are illustrated in Fig. 3.3 for the ‘LB stackl1 InH’ test
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structures and the PDK 1-nH inductor. As seen from Fig. 3.3, the floating shield increases the

peak Q factor by reducing the substrate loss.

LB_unshielded_stackll _1nH_PDK =
LB shield1l stack1l 1nH — LB_unshielded_stackll _1nH

30— : S

0 5 10 15 20 25 30 35 40 45 50
Frequency (in GHz)

Fig. 3.3. Comparison between shielded and unshielded simulation results for the
‘LB _stackll InH’ test structure

3.1.2 Measurement Results

Die photos of inductors designed and implemented using the two different stacks are shown in
Fig. 3.4. On-wafer probing is used to measure the 2-port S-parameters of each inductor test
structure, which is comprised of a GSGSG (ground-signal-ground-signal-ground) pad set,

interconnect, and the inductor.

_ B BN BN NN EN R |
/ *

LB-2nH

. JQBQA-2nH g 2]
s QBQOA-1aH

3 W

mE
L |
(]

(a) Stack-11 (MPW2215) (b) Stack-19 (MPW2213)

Fig. 3.4. Die photos of the inductors implemented in two different stacks
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Thru de-embedding [74] is used to extract the 2-port S-parameters of the inductor from the
measured S-parameters of the DUT. Dedicated thru de-embedding structures are fabricated on-
chip for this purpose. The de-embedded, 2-port S-parameters are used to determine the
inductance and Q.

Fig. 3.5 show Q;,4 plots of the 1 nH and 2 nH test inductors from deembedded measured
data. The performance of inductors from the PDK library for 1-nH and 2-nH are also shown
for comparison. They are named °‘LBOI_symindp_layout stackll’ in Fig. 3.5a and
‘LBQB_symindp layout stack19’ in Fig. 3.5b. The measured data shows a maximum Q;,,; of
35 at 11 GHz for a 2-nH inductor (red curve in Fig. 3.5b). These values are 1.2 times better
than the library inductors (sky blue curve) as seen from the plots. The network analyser used
in measurements shows fluctuations in the data points for high frequency range. This is
prominent for very small values of measured data (e.g. resistive ohmic losses of high-Q
components). Therefore, the plots in Fig. 3.5 show fluctuations, especially at high frequency.

LBQB_shield2_stack19

LBOI shield2 stack11l — QBQA shield1 stack19 —
LBOI shieldl stackl1l — LBQB_shield1_stack19 —
LBOI_symindp_layout_stackl]l s QBQA _shield2_stack19 —
LB_shield2_stack1l — LBQB_symindp_layout_stack19 s
40 40+
30 30
//\M‘ / N \
E ZO—M 3 20
£ 1 S ]
S :m S |
10i 10
o7 o+——FF
5 10 15 20 5 10 15 20
Frequency (in GHz) Frequency (in GHz)
(@) 1I-nH inductors in Stack 11 (b) 2-nH inductors in Stack 19

Fig. 3.5. Q;4 for 1-nH and 2-nH inductors from measured data
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3.1.2.1 Comparison between Stack-11 and Stack-19 results

To compare the performance of Stack-11 and Stack-19 inductors, the Q;,4 of 2-nH LBOI,
LBQB, and QBQA inductors are plotted in Fig. 3.6.
LBOI_shield1_stack11

QBQA_shield1_stack19 —
LBQB_shield1_stack19 —

T T T T T T T T | T T T T 1
5 10 15 20
Frequency (in GHz)

Fig. 3.6. Q;,4 for 2-nH shield1-type inductors in Stack-11 and Stack-19

From Fig. 3.6, it is clear that shorting the top two metal layers (LBQB) provides a higher
peak Q-factor (blue curve) with Stack-19 compared to the results from Stack-11 (LBOI, brown
curve). The QBQA metal inductor in Stack-19 (green curve) also has a higher Q-factor at all
frequencies compared to the LBOI inductor in Stack-11 (brown curve). Between the LBQB
(blue) and QBQA (green) designs, the LBQB coil has a thicker dielectric layer between the
conductor and the shield, as it uses the top two metals. Therefore, it demonstrates the benefits
of lower parasitic capacitance and substrate loss, resulting in a broader Q peak and higher peak-

Q value.

3.1.2.2 Comparison with Simulation

Fig. 3.7 compares measured and simulated performance for a 2-nH LBOI shield2 inductor.
Simulations are performed using the Keysight Momentum™ tool. Measurements agree well
with simulations. The agreement between the measured data of other inductors in Fig. 3.5b and

their Momentum simulations is similar to that in Fig. 3.7.
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Fig. 3.7. Measurement vs. simulation results for 2-nH inductor

3.1.3 Summary of Measurement Results

Measurement results for the custom designed inductors are summarized in Table 3.1 and Table

3.2. Measurements were performed using the Keysight™ N5245A PNA-X Microwave

Network Analyzer. The system was calibrated to the probe-tip reference planes using the

SOLT calibration method [75]. Due to testchip area limits, only 2-nH inductor designs are

fabricated in Stack 19. The self-resonant frequency is calculated from electromagnetic

simulation. As seen from Table 3.1 and Table 3.2, there is a trade-off between inductor Q;,4

and SRF.

Inductor

type

Custom

Custom

Custom
PDK

model

Stack

option

Stack-11
Stack-11
Stack-11

Stack-11

Table 3.1. Measurement results for 1-nH inductors

Metal Shield type Inductance Differential Frequency at | SRF (GHz)
at 10 MHz Peak peak Q (GHz) (from

(nH)

LB Shield2 1.018
LBOI = Shieldl 1.026
LBOI = Shield2 1.035

Grounded
LBOI 1.071
shield
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Q-factor
16
27
22.5

21.6

simulation)
13.9 45.426
13 34.210
13.1 32.110
14 28.910



Table 3.2. Measurement results for 2-nH inductors

Inductor Stack Metal  Shield type Inductance Differential Frequency SRF
type option at 10 MHz Peak Q- @ atpeak Q (GHz)
(nH) factor (GHz2) (from
simulation)
Custom Stack-11 LBOI Shield1 2.013 26.9 11.0 18.128
Custom Stack-19 LBQB Shield1 2.013 324 11.2 20.128
Custom Stack-19 QBQA Shield1 2.040 30.1 11.14 19.085
Custom Stack-19 LBQB Shield2 2.065 34.9 11.0 19.972
Custom Stack-19 QBQA Shield2 2.050 26.3 12.1 18.770
Grounded
PDK model| Stack-19 LBQB hield 2.015 29.5 11.8 17.088
shie

In general, inductors in Stack 19 have higher peak Q-factors than Stack 11 inductors for a
comparable SRF due to the thicker metals in Stack 19. Shorting metal layers to implement the
coil improves performance. Both LBQB and QBQA structures in Stack 19 provide higher peak
Q and SRF compared to LBOI structure in Stack 11. Floating shieldl increases the Q for LB
inductors, whereas floating shield2 is slightly better for LBOI, LBQB and QBQA inductors,
as these stacked inductors use multiple top metals, reducing the oxide thickness between the
coil and shield. Therefore, lower shield metals used by shield2 reduce the parasitic capacitance

and improves the Q factor.

3.2 Capacitors

Capacitors are used in the proposed bridge circuit, L-C filter, and tuning control circuits. Metal-
oxide-metal (MOM) structures are formed with oxide sandwiched between two or more metal
plates [37]. MOS varactors are also used widely because their capacitance can be voltage

controlled. However, they have lower Q-factor than MOM capacitors. Metal capacitors also
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offer better linearity, high Q-factor, and smaller variation with respect to temperature changes

than MOS varactors.

3.2.1 MOM and Custom Designed Capacitors

Stack 11 is used to design capacitor values greater than 500 fF for benchmarking purposes.
The capacitor Q factor may be improved by applying custom designed floating substrate
shields [76]. Three capacitors are developed in this work: two interdigitated metal-finger
capacitors similar to the PDK MOM capacitors (as in Fig. 3.8b), and a vertical parallel plate,

full-custom capacitor (shown in Fig. 3.8a).

Width
+“—>
Port-1 __5 _
Length g€ Port-2 Width
L
1a-» A C2
Ol = c1
-l Via> S—
atm A & e— Port-2
=,
(a) Vertical capacitor layout
Port.1 Port.2 shield-fingers

C1

§ L, i {
H = LB
| | e— | Y] -
N

(b) Cross section of vertical capacitor (c) Interdigitated MOM capacitor layout

e ph

Fig. 3.8. Interdigitated MOM and custom vertical parallel plate capacitor layouts

The two MOM capacitor prototypes are named ‘MOM_C15’and ‘MOM_C35°. The vertical,
custom-drawn capacitor is named ‘Vertical LBOIJA’. MOM_C15 and MOM_(C35 are built
with interdigitated C1 to C5 and interdigitated C3 to C5 lower metal layers (thickness less than
90 nm), respectively. MOM_C15 has a cell width of 16 um and length of 54 um, and
MOM _C35 has a cell width of 16 um and length of 89 um. In both cases, the metal fingers of
the capacitor are vialess, and all fingers connect to a bar on the side which shorts the fingers
together (see Fig. 3.8¢). The Vertical_LBOIJA uses three, thick top-metal layers to form plates
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that are interdigitated horizontally, and overlaid (or stacked) vertically as shown in Fig. 3.8b.

The cell width and length are 33 pm and 150 pum, respectively.

3.2.2 Performance Improvement

The electrical performance of a capacitor is typically characterized by its series capacitance, C
and quality factor, Q. These are extracted from the admittance seen across the capacitor

terminals as a one-port to ground
C =imag(Yy,)/2nf, (3.3)

imag (ﬁ)

Q - real(y%l) ' (3'4)

The equivalent admittance of the capacitor as a 1-port network (see Fig. 3.11b) is Y4, and f
is the frequency. Another parameter of interest to circuit designers is the self-resonant
frequency (SRF), which defines the highest useable frequency of operation as a capacitor.
Depending on the structure, there are trade-offs between Q, SRF, and chip area occupied by

the capacitor.

3.2.2.1 Layout Modification for Low Dissipation

The capacitor physical layout and dimensions are designed to optimize the Q factor. A simple

lumped-element equivalent circuit model for the capacitor is shown in Fig. 3.9.

Portt e-WW—|(—"M-oport2

Fig. 3.9. R-L-C lumped-element model for a capacitor

The main component is C, which represents the desired capacitance. Ohmic loss is modelled
by series resistance R,,,, which arises from losses in the metal fingers or plates of the capacitor.

The parasitic series inductance of the physical layout is modelled by L.
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Q is related to the series capacitance (C) and series resistance (R,,,) by the equation (ignoring
L)

1

Q= wR,,C’ (3.5)

where w is the radian frequency. For a fixed capacitance, Q is improved by reducing R,,,. For
example, the metal bar that connects all the fingers to each port of a MOM capacitor (in Fig.
3.8b) is a major contributor to R,,,. Therefore, the dimensions are optimized to minimize R,,.
Moreover, a stack of thick, top metal layers is used to reduce the resistance of the metal bars.

This comes at the cost of SRF, as series inductance (L in Fig. 3.9) is added with this approach.

Another parameter that gives a clear ranking of the capacitor performance is the time
constant (z). The time constant is the product of series resistance (R,,,) and capacitance (C),
and is independent of frequency, unlike Q, which is the inverse of the product of radian

frequency and the time constant. The lower the time constant, the better the performance.

3.2.2.2 Substrate Shielding

Various shielding options, such as N-well and poly shielding are provided for the PDK
capacitor p-cells. In this work, a floating substrate shield that does not require an explicit
ground connection (similar to the inductor and TL floating shield pattern) is designed, as shown
in Fig. 3.8b. The shield is comprised of thin and narrow floating metal fingers on lower-level
metals such as C1 and C2, which overlap with each other. Finger width and gap of the shield
metals were optimized from simulation to be 2 um of finger width, 1 um gap and 0.5 pum of
overlap. Simulation results comparing the performance between shielded and unshielded
capacitors are plotted in Fig. 3.10 for the “‘Vertical LBOIJA’ capacitor. As seen from Fig. 3.10,
the floating shield reduces the time constant 7 (thereby increasing Q) by lowering the substrate

loss, especially around the frequency of interest for the oscillator circuit (8 GHz).
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Fig. 3.10. Comparison between shielded and unshielded simulation results for the

“Vertical LBOIJA’ test structure

3.2.3 Measurement Results

All capacitors are fabricated with GSG pads connected to both sides of the capacitor to create
the device under test (DUT) for characterization. Measurements were performed using the
Keysight™ N5245A PNA-X Microwave Network Analyzer. The system was calibrated to
the probe-tip reference planes using the SOLT calibration method [75]. Measurements of
the 2-port S-parameters are taken on each cell comprised of the left GSG pad, capacitor test

structure, and right GSG pad connected in series, as illustrated in Fig. 3.11. The measurement
setup is shown in Fig. 3.11a.

|G G
) Cap
—{sHee Hsl — =
De-embedded
i H 2-port
|G G| Vac\() yaa | 0 [ 22
> 2-port —
S-Parameter
measurement
(a) Capacitor test setup (b) Admittance measuring testbench

Fig. 3.11. Test setup for capacitor measurements
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Thru de-embedding [74] is used to extract the 2-port S-parameters of the capacitor from the
measured S-parameters of the DUT. Dedicated thru de-embedding structures are fabricated on-
chip for this purpose. The de-embedded, 2-port S-parameters are used to compute Y;; (see Fig.
3.11b) extract C, R,,, and Q using egs. (3.3) to (3.5). Fig. 3.12 shows the die photo of the

fabricated test structures.

MeENpWgmpn
B EeRew o S o SR e
g i .

mmnai:.m;m..».;; WL a

T 1 = e Y

- MOM_C1C5 Capacitor Prototype

Fig. 3.12. MPW2225 die photo for Stack 11 capacitors

3.2.3.1 Comparison with PDK Capacitors

Measurement results are shown in Fig. 3.13. The capacitance C of the measured capacitors are
550 fF, as seen from Fig. 3.13a. ‘MOM_C3C5’ (red) and ‘Vertical LBOIJA’ (light-orange)
provide higher SRF than ‘MOM_C1C5’, as predicted from Fig. 3.13a. This is because they
use thick top metals, which reduces the electrode series resistance and increases the oxide
thickness between the capacitor electrodes and the shield, thereby reducing the parasitic

capacitance.
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Fig. 3.13. Measurement results for the capacitor test structures

Fig. 3.13c and Fig. 3.13d show the Q factor and time constant (z) measurements of the
proposed capacitors. The red t trace of MOM_C3C5 shows the lowest value, making it the
best performer up to 10 GHz. This gives a Q of more 500 below 10 GHz. The custom-designed
vertical capacitor offers better t at higher frequency. For example, improvement of t by a
factor of 3 is seen for the vertical test structure measurements at 50 GHz, as compared to the
MOM_C3C5 interdigitated capacitor. The network analyser used in measurements shows
fluctuations in the data points for high frequency range, especially for very small values of

measured data (e.g. resistive ohmic losses of high-Q components). Therefore, the resistance
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plots in Fig. 3.13b have more fluctuations. Multiple measurements taken in a smaller frequency

range and averaging them could give smoother plots.

3.2.3.2 Comparison with Simulation

Fig. 3.14 compares measured and simulated performance for the Vertical _LBOIJA capacitor
up to 60 GHz. Simulations are performed using the Keysight Momentum™ tool.

Measurements agree well with simulations across the 60-GHz frequency range.
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Fig. 3.14. Capacitor measurement vs. simulation results

3.2.4 Summary of Measurement Results

The performance of the capacitors designed in this work is summarized in Table 3.3.

Table 3.3. Summary of 500-fF capacitor results

Capacitor  Metal Capacitance Resistance Q factor Time SRF from Area
type layers used (fF) Q) at 10 GHz constant simulation (um X um)
at 10 GHz  at 10 GHz at 10 GHz (GHz2)
MOM Clto C5 633.877 0.147 204 1x10713 88 16x54
MOM C3to C5 601.038 0.067 498 9x 10714 95 16x90
MIM LB,OL JA  515.726 0.240 112 1.4x 10713 >100 33x150
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It is seen from the 5™ and 8" columns of Table 3.3 that there is a trade-off between Q and
the physical size of the MOM capacitors. MOM_C3C5 capacitor, designed carefully with
regard to layout and shield dimensions, gives the highest Q (498 at 10 GHz) at the cost of
larger physical size.

3.3 Summary

This chapter presented the design of high-Q on-chip inductors and capacitors fabricated in
22-nm FD-SOI-CMOS technology. Layout improvement and floating substrate shielding
were demonstrated in Stack-11 and Stack-19 BEOL technology options that showed
improved Q factor. Measurement results show a Q factor of 35 at 11 GHz for 2-nH inductor
and a Q factor of 500 at 10 GHz for a 601-fF capacitor making them suitable for applications
in high-Q, narrowband resonators. Custom design of a 515-fF capacitor utilizing thick
metals offers 3 times better Q factor at higher frequencies (> 30 GHz) compared to the
traditional interdigitated MOM capacitor, as verified by the measurement data.
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Chapter 4

Bridge Resonator Design

A crystal bridge resonator was used by Meacham in 1934 to demonstrate a discrete, low-
frequency oscillator (see Fig. 2.11) [7]. Compared to a series or parallel L-C resonator, a
bridge resonator holds the potential to enhance the Q-factor, thus forming the motivation
behind this study. Bridges also find applications in RF power measurement, high-accuracy
sensing of voltage and impedance, component characterization, and more. This work
implements a fully-integrated L-C bridge resonator, harnessing the high-Q potential of the
Meacham’s bridge topology. It is implemented in 22-nm SOI-CMOS technology. It is
specifically targeted towards narrowband applications and aims to improve upon the signal-to-

noise performance of Meacham's circuit for RF and mm-wave frequency applications.

4.1 Bridge Resonator Circuit

The proposed bridge resonator is shown in Fig. 4.1. It is comprised of four arms, two of them
incorporating resonators and the remaining two (i.e., Z,; and Z,,) forming balancing arms.
Two series resonators with inductor L, in series with a capacitor C, are used. The resonant

frequency (w,) of the series resonator is

(4.1)
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Series
*
Resonator ,**

Fig. 4.1. Proposed bridge circuit

Balancing branches Z,, and Z,, may be designed in two ways. Meacham’s design [7] used
two resistors with slightly different values (e.g., Zp1(wosc) = Rp and Zp,(wose) = Ry,
where n,. is a scaling constant). However, resistors add thermal noise from the ohmic losses of
R, and n,R,. An alternative is to use an inductor (Z,;(w,s:) = jXp), and a capacitor
(Zp2(wosc) = —jXp) to cancel the reactive components in the voltage transfer function (G, =
Voue/Vin) at w,s.. This way, a real value of V,,; is achieved at resonance such that
Barkhausen’s criteria for oscillation are satisfied. As the real parts of the inductive and
capacitive impedances are small for high-Q L, and C,, the signal-to-noise ratio (SNR) is

improved by this approach.

Fig. 4.2 compares the magnitude (|Gp,-]) and phase responses (¢ (w)) between resistor and
L-C balancing of an 8-GHz bridge circuit example, close to but not exactly at balance, for an
open-circuit output load. As depicted by Fig. 4.2b, the L-C approach (red solid curve) produces
a sharper change in the phase response at resonance than the resistor approach (blue dotted
curve) for the gain of 0.01 V/V in Fig. 4.2a. A discontinuity in phase occurs when the circuit
transitions from leading to lagging due to a sign change of V,,,; as the frequency is swept from

below to above the resonant frequency. The rapid phase change results in a high Q factor, as

Q depends on the derivative of the phase response according to [% . d‘g—g")] [77].
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Fig. 4.2. Gain and phase responses of resistor and L-C type bridges

4.2 Design and Performance Characterization

This section details the performance parameters (e.g., gain, Q-factor, SNR etc.) for the

proposed bridge resonator circuit.

4.2.1 Voltage Transfer Function and Quality Factor
Assuming that the equivalent impedance of the resonator is Z,¢, (see Fig. 4.1), the voltage
transfer function (G,,.) of the bridge circuit is derived from the voltage divider rule

Vout _ ern sz

= - . (4.2)
Vi ern + Zbl ern + sz

Gbr =

Substituting jX,,, and —jX,, for Z,, and Z,,,, respectively, in eq. (4.2) at frequency w4, gives

ern(“)osc)2 - sz (4 3)
ern((")osc)2 + sz .

Gpr (wosc) =
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The resonator impedance (Z,.,,) is defined as
Zrsn = Rysn + jXrsn, (4.4)
and Zrsn” = Rrsn” + j2RrsnXrsn = Xrsn®, (4.5)

where R,., and X,, are the real and imaginary parts of Z,,, respectively. At resonance, the
reactive part approaches zero, and Z,.,,, becomes real (i.e., Z,sp (wosc) = Rysn).- The magnitude

of the bridge gain at resonance from eq. (4.3) is therefore

R
|Gbr (wosc)l = (46)

where A is the difference between R,,> and X,2. The gain, G, (w,s), becomes zero for X,

equal to R,,, resulting in a zero error voltage (V,,;) at w,s.. This is called the balanced state.

The phase response of G, ¢(w) is

Zyrsn(w) _ Zpo(w)
ern (w) + Zbl(w) ern(w) + sz (w)

p(w) = LGy (w) = £

(60, @) 0
| Im(Gr ()]
= tan IRe(Gbr((A)))l =tan" " v(w),
where v(w) is
B Im(Gpr(w))
v(w) = —Re(Gbr(w)) . (4.8)
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The Q-factor of the bridge circuit can be determined from ¢ (w) as [77]

_ Wosc ) d(p((‘)) _ Wosc ) d[tan_l v(a))]
br 2 dw 2 dw

(4.9)
_ Wosc 1 dv(w)
2 1+ ||v(w)|? dw

Eq. (4.9) is derived using the trigonometric arctan differentiation formula. In the vicinity of

1
——— can be assumed
1+|v(w)|?

resonance, |v(w)| is very small for a low-loss resonator. Therefore,
to be unity in eq. (4.9) when computing the phase. Substituting eq. (4.5) in (4.3), and neglecting
the second-order reactive term (X,.,%) in the vicinity of resonance, v(w — w,.) is found to

be

Im(Gpr(w = wyse) 4R, X X2

v(w 5 wosc) — ( br 0sc ) — - rSn 1;5712 b —. (4.10)
Re(Gbr(w - wosc)) (Rrsn + Xrsn ) - (Xb )
Substituting eq. (4.10) in eq. (4.9) gives
[ Xrsn . >

_ 2 (Rrsnz + ernz) - (sz)

Qbr.ser = 2WoscRysnXp” dow (4.12)
d X
= ZwoscRrsnsz ) %[ ;-;n] ’

where f; is the denominator of v(w = w,). Using the differential quotient formula, the

derivative of -+ [@] is calculated
dwl fg

dXT‘STl( ) df
d [ern]zfd'Tw_ on () Gy @.12)

% fa fdz
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At resonance, X,.,(w,) is ideally zero, which gives

d [ern ~ 1 _ersn(w)

- ~

k7 To (4.13)

The reactance (X,.,) of the series resonator is the series combination of the coil and the

capacitor reactances. Assuming that w? is 1/L,.C, in the vicinity of w,,,

1

ersn(w)zd[“’Lr_w_Cr]zL R S (4.14)
dw dw " w2c, T T

Substituting eq. (4.14) and (4.13) in eq. (4.11), Qp,ser for the series-resonator bridge at
resonance is calculated as follows

1 . dXTSTl (0‘))

fd(w—)wosc) dw

2
Qbr,ser(w - wosc) = 26‘)oscRrsnXb

. ZLr ~ 20JoscRrsnXb 2Lr
fa@-00)  (Rysn?)’ = (%,2)* (4.15)

_ 2
=2 woscRrsnXb

Equation (4.15) predicts that there is a trade-off between Q,, and gain.

Increasing A increases |Gy, (w,)| in eq. (4.3) but degrades Qp; ser-

4.2.2 Noise Performance

Noise performance of the bridge circuit is characterized by signal-to-noise ratio (SNR). Fig.
4.3 shows equivalent bridge circuit with noise generators assuming resistors R,.,, R,; and Ry,
in the arms as the sources of thermal noise.

- +
Vout Vout
Rbl Il Rrsn Rrsn I Rb2
2 2
vn,oZ vn,ol

Fig. 4.3. Noise source representation for four resistors in the Meacham bridge
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The output referred mean-square noise voltages vy, ,, at the negative output node, and v;; ,

at the positive output are determined from superposition for each noise contribution

vrzl,ol = (i121b1 + irzlr) “|Rpy | Rrsnlz ) (4.16)

2 _ ;2 2 2 .
vn,oz - (lnbz + I'TZLT) ) |Rb2 " Rrsnl , (4 17)
where i2,, i2,,, and iZ,, are mean-square thermal noise currents generated from the resistors
R,sn, Rp1, @nd Ry, respectively. The differential, output referred mean-square noise voltage

is given by

?,0 = 4kT - [(Rbl ” Rrsn) + (sz ” Rrsn) - 2\/(Rb1 " Rrsn)(sz ” Rrsn)] . (4-18)
The output SNR of the bridge is given by

Ve Vi |Gyel?
SR = Leur _ Vin G (4.19)

2 2
vn,o vn,o

The Meacham bridge with R,; = R, and R,, = n,.R, (where R, = R,,) has % of

4T Brsm (3””1 - /nz’fl) calculated from eq. (4.18). Whereas 12, of the proposed L-C circuit

2 ny+1
calculated from eq. (4.18), assuming that R,; and R,, are significantly smaller than R,.g, for

high-Q C, and L, balancing components (see Fig. 4.1), is given by

1 woscLb Lb
V2 = 4kT + -2
ol ooneCo0e T 0 Cy0c0s

). (4.20)

where Q. is the Q-factor of the balancing capacitor C, and is equal to 1/w,¢.Cy, R},;. Parameter

Q, is the Q-factor of the balancing capacitor L, and is equal to w,g.Ly,/Rp>.
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Therefore, SNR of the L-C bridge circuit, calculated from eq. (4.19), is given by

Vii ' |Gbr|2
1 WoscLp L, (4.21)

SNR = .
2 0D
0oeeCr0c T 0, ;0.0

AKT (

Equation (4.21) predicts that for a fixed G,,, SNR is improved significantly by high-Q
balancing components L, and C,. For example, for 112-pH L, with Q; of 25 and 3-pF C, with
Q. of 150, SNR is improved by 39 times in the proposed bridge from the resistive bridge with
5-Q of R,.¢,, 5-Q of Ry, and 7.2-Q of Ry, for a gain of 0.18 V/V.

4.2.3 Design for High Q

Inductors close to 1.8-nH inductance value, designed in 22-nm SOI CMOS technology, give
peak Q factor and a resistance of approximately 5Q at 8.5 GHz. Therefore, bridge impedance
(R,-sn) value is chosen to be 5Q at w,.. The coil size (L,) is designed to achieve an equivalent
resistance of 5Q at wys.. The Qpyser IS therefore greater than 150 in the vicinity of balance
(X, = R,¢n). If @a non-zero error voltage is needed at the bridge output at resonance, an X,
greater than R, (e.g. 6 Q for a G, (wysc) 0f 0.12 V/V) is required from eq. (4.3). The Qp; ser
for 0.12-V/V gain is therefore calculated to be 49, with R, of 5 Q, X, of 6 Q, and L, equal
to 1.8 nH.
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4.3 Prototype Layout and Performance Verification

The physical layout of the bridge circuit prototype in 22-nm FD-SOI CMOS technology for a
0.12 VV/V gain performance is illustrated in Fig. 4.4. The Stack 19 BEOL option is used for the
prototype.

Sy %aﬂ
SIdE
TS 8 T E

(b) Bridge prototype layout (b) Die micrograph

Fig. 4.4. Series bridge resonator prototype

The 1.8-nH resonator coil L, is implemented as an octagonal 3-turn shielded inductor in QB
layer. The outer dimension is 117 um with 3.5-pum conductor width and 4-um spacing between
conductors. The 220-fF C, needed to resonate at 8.5-GHz is realized with metal-oxide-metal
(MOM) capacitors implemented in M1 to C5 metal layers. The balancing inductor (L;) is a
2-turn coil in QB layer with 54-pum outer dimension, 6-pm conductor width, and 4-pum spacing
between the adjacent conductors. The balancing MOM (PDK cell) capacitor (Cp,) is

implemented in C1 to C5 metal layers.

Measurement results for the voltage gain of the bridge with R,, of 5 Q and X, of 6 Q are
shown in Fig. 4.5. The magnitude of the measured gain at resonance (Fig. 4.5a) is -18 dB (i.e.,
|G| = 0.12 at 8.5 GHz). A sharp phase response (i.e., 500°/GHz) is observed at 8.5 GHz (see
Fig. 4.5b), which according to a Q. s Of 50, as shown in Fig. 4.5c.
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Fig. 4.5. Measurement vs. simulation results of the series bridge circuit

Electromagnetic simulation results are also plotted (dotted curves) in Fig. 4.5 for
comparison. It can be seen that the measured data agrees well with the simulation data, given
that there are processing variations in the measured samples. The quality factor at w, is above
50 for the design, which is 2.7 times larger than Q-factor of the series L-C resonator alone, and
1.9 times larger than the resistive bridge with 5 Q for R,.,, and Ry, and 7.2 Q for R;;. This
offers the high-Q advantage of the L-C bridge resonator to be used in low-phase-noise and

high selectivity oscillators.
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4.4 Summary

A fully integrated bridge resonator circuit with high Q-factor (>150 for an open-circuit output)
performance is presented in this chapter. The bridge resonator is implemented for series
resonance at 8.5 GHz in 22-nm FD-SOI CMOS technology. Measurement results show an
open-circuit Q of more than 150 close to its balanced state (i.e., gain close to zero). Equations
derived for the Q-factor and gain of the bridge show a trade-off between the two parameters.
Therefore, Q drops from 150 (at balance) for a gain larger than zero. A Q of 50 is achieved for
a gain of 0.12 V/V. A sharp phase response slope of 500°/GHz for 120 mV of output voltage
is achieved due to the high-Q bridge performance, as Q is proportional to the derivative of the

phase response with respect to frequency.
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Chapter 5

High-Q Transmission Line Design

This chapter describes the design of high-Q (Q > 100) transmission lines and their performance
in the 22-nm SOI-CMOS technology. The purpose is to verify and model the performance of
custom designs across a broad range with a special focus on narrow-band filter optimization,

and benchmark the new designs against a state-of-the-art PDK library model.

The drive to build higher performance RF circuits in the millimetre-wave (mm-wave)
frequency bands (30 GHz-300 GHz, in air) motivates electrical modelling of transmission lines
on a silicon chip. Transmission lines (TLs) are used as interconnects on-chip and at chip
boundaries, and to implement matching networks, inductors, and transformers on an integrated
circuit (IC) [78]. They are also used as differential interconnects in this thesis. Signal
attenuation increases with frequency due to phenomena such as the skin effect, and substrate
loss [27], [79]. The Q-factor figure of merit (Qr,) characterizes insertion loss of the TL for a

given phase shift [80].

This study benchmarks the performance of on-chip TLs fabricated in the 22-nm SOI-CMOS
technology. Coupled transmission lines are designed with optimized physical layouts and
shielding to achieve improved Q-factor (4.5 times their non-shielded counterparts at 25-GHz)
for differential applications. Also, it is shown that a peak Q greater than 100 is achievable
across a narrow band of frequency through proper design of the line. The peak in Q-factor
arises from a dip in the attenuation constant (a) of the transmission line at the desired
frequency. The dip is caused by current induced in the shield fingers. A new lumped-element

equivalent circuit model is also developed for design and simulation purposes.

5.1 Balanced transmission line

Balanced transmission lines provide a send and return path in a symmetrical physical layout,

as shown in Fig. 5.1a.
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Fig. 5.1. Balanced 4-port transmission line

The electrical performance of a transmission line is characterized by its attenuation constant
(a), phase constant (), and characteristic impedance (Z,). These are extracted from the Y and

Z balanced two-port parameters (measured from the 4-port network in Fig. 5.1b) of the line

211
0 Y11 ) ( )

)=a+jp, (5.2)

from the relations

y = tanh™! (Y :

1140

where Y;; is measured from the 4x4 Y-matrix of the 4-port device, and y is the propagation
constant. All parameters in eq. (5.1) and eq. (5.2) are per unit length of the transmission line.
Assuming propagation in the quasi-transverse electromagnetic (Q-TEM) mode [81], Q-factor

Qry, can be defined in terms of frequency (f), «, and the velocity of the travelling wave, v,

__B
0= =5 (5.3)

For Q-TEM propagation, Fig. 5.2 illustrates the rlgc lumped-element circuit model for 3
sections of a balanced transmission line, where Ax is the length of each section. For 3 section
model, the total length of the transmission line (I;) is equal to 3Ax. For a quarter-wave line, [,
is equal to v, /4f . The number of sections used to model a line depends on the frequency range
for the application. The frequency-dependent rlgc parameters may be extracted from the

propagation constant and Z,
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_ imag(y-Zy)
w )

r=real(y-Zy), l
(5.4)

= real (1) c= —imag()/ Zo)
9 Zy)’ ) '

where r is the series resistance of each conductor per unit length, [ is the inductance of each
conductor per unit length, g is the shunt conductance per unit length, and c is the total parasitic

capacitance between conductors per unit length.

O
Port-2

Port-4

Fig. 5.2. Lumped-element circuit model for a transmission line

The total Q-factor of a shielded transmission line (ignoring radiation) is given by [81]

QTL = Qconductor”qubstrate ’ (5-5)

where Qonauctor 1S the Q-factor associated with the signal and ground plane metals, and losses
due to current induced in the substrate by magnetic coupling. The Qq,pstrace 1S the quality
factor of the shunt parasitics (e.g., dissipation of the electric field in the silicon substrate). Both

Qconductor and Qsupstrate Can be expressed in terms of lumped-element (i.e., 7,1, g,c)

parametel’s
wl
Qconductor = T ’ (56)
wcC
and Qsubstrate = ? , (5.7)

where w is radian frequency. At low frequency, Qsupstrate 1S larger than Q.ondauctor- FOr
transmission lines fabricated on medium resistivity silicon substrates (1-100 €Q-cm),

Qconductor 1S typically higher than Qg strqte @t mMm-wave frequencies, which makes the total
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Q of the line dependent only on Qg pstrate [76]- Thus, increasing conductor metal thickness to
increase Q.onauctor d0€S not have a large effect on the total Q-factor. The greatest

improvement in Q typically comes from the improvement in Qgupstrate-

5.2 Layout Modification for Improving Q conductor

Transmission line dimensions in this study are designed to optimize the Q.onguctor N the
frequency range of interest. It is seen from eq.(5.6) that Q. nductor iNCreases with increasing
series inductance (I) and decreasing series resistance (r). For a balanced or differential line, [

is defined in terms of self- (I) and mutual inductance ({,,) between the coupled lines,
l=1,—1y. (5.8)

For a fixed length, and thus fixed self-inductance, [ as well as Q onquctor CaN be increased
by reducing [,,. Therefore, a wider gap between coupled lines results in improved Q onauctor-
Moreover, wider signal lines reduce the series resistance (r), which also improves Q onauctor-
However, skin effect increases with line width, limiting the improvement for very wide lines
(e.g., greater than 15 um). Selection of width also affects the characteristic impedance of the

line.

5.3 BEOL Metal Stack

Multiple BEOL stack options are available in the 22-nm SOl CMOS technology. The stack-
11 option is used for the lines reported in this section. Stack 11 has three top metal layers:
2.9-um (LB), 3.3-um thick (Ol), and (JA) of 1-um thickness. Coupled microstrip line models
supported by the PDK library use either LB or Ol as the signal line, with a ground shield option
implemented in a mesh pattern of thinner first-metal (M1). The proposed prototypes use Ol as
transmission line metal, and C1 (third metal from bottom) and C2 (fourth layer from bottom)

as the shield fingers. Fig. 5.3 shows the meal stack for the fabricated prototypes.
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Fig. 5.3. Metal dimensions

5.4 Substrate Shielding for Improving Qsupstrate

Custom designed substrate shielding and modified layouts from the PDK library that improve Q
are proposed. For benchmarking, transmission lines with two different dimensions: 1) 10-um
line width and 215-pum gap between lines (‘wide gap’ of Fig. 5.4a), 2), and 2) 5-um line width
and 10-um gap between lines (‘narrow gap’ of Fig. 5.4b) are described. Two different types of
shielding are used: 1) a floating shield [81], and 2) a PDK provided ground shield in M1. The
wide-gap prototype has a differential characteristic impedance (Z,) of 60 Q and the narrow-
gap line has a differential Z, of 50 Q. Characteristic impedances greater than 50 Q facilitate
embedding of circuitry in a distributed amplifier [47]. The signal conductor is implemented

using the Ol layer, as it is the thickest metal giving the lowest resistance, r.
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Fig. 5.4. Balanced transmission line layouts

Various shielding options are provided for the PDK TL models, but they require explicit
ground connections. The floating substrate shield (shield 1) used in this work does not require
an explicit ground connection [81]. Thin and narrow overlapping fingers of floating metals are
used as shown in Fig. 5.4a. Narrow finger widths (e.g., 2-um) prevent induced currents in the
direction of signal flow, and overlapping adjacent fingers lowers leakage through the shield to
the substrate. Electric induction creates a virtual ground along the floating shield fingers,
thereby blocking the electric field from entering the silicon substrate. Lower-level metals C1
and C2 with thickness less than 90-nm (i.e., close to the silicon substrate) are used which span

both signal conductors (length I;). Finger width and gap of the shield metals are 2-um of and

1-um, respectively, with 0.5-um of overlap. These dimensions were optimized using

electromagnetic (EM) simulations.

Simulation results comparing the performance between shielded and unshielded TL are
illustrated in Fig. 5.5 for the wide-gap prototype. As seen from Fig. 5.5a, the floating shield
reduces the attenuation constant by reducing the substrate loss. Therefore, Q is improved with

an optimized floating shielding design, as shown in Fig. 5.5b.
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Fig. 5.5. Comparison between shielded and unshielded simulation results for the typel,
shield1 wide-gap test structure

5.4.1 Prototype Design and Physical Layout

All TL test structures are fabricated with GSGSG pads connected to the coupled lines to create
the device under test (DUT). Measurements of the 4-port S-parameters (ref. Fig. 5.6a) are
performed on each DUT, which is comprised of the GSGSG padset (left), TL test cell, and
right GSGSG padset (right) connected in series. Balanced measurements are performed to
determine the differential 2x2 S-matrix. The differential measurement setup is shown in Fig.
5.6b. Next, LiLj de-embedding [79] is performed to extract the 2x2 differential S-parameters
for the TL sell from the measured data. Two different lengths (L; and L;, for L; > L;) of the
same design are fabricated to employ LiLj de-embedding for each test line. Lengths L; of
914 um and L; of 257 um are fabricated for test lines with 10-um width and 215-um gap,
whereas LiLj pairs of 150 pm - 573 pum are fabricated for test lines with 5-pum width and 10-pm
gap. Fig. 5.7 shows the die photo for the fabricated TL prototypes. Parameters o, f and Q are
computed using eqg. (5.1) to (5.3) from the de-embedded 2x2 S-matrix.
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Fig. 5.7. MPW2225 Die Photo

5.4.2 Measurement Results

The de-embedded measurement results for a, B, and Q;, are shown in Fig. 5.8. The custom
designed TL results are compared with the microstrip narrow-gap coupled line PDK model

(brown curve) that is fabricated on the test chip. The same narrow-gap top conductors, but with
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the floating shield is shown in purple. The floating shield improves the Q-factor by 4x at
40GHz, as shown in Fig. 5.8d. Finally, the design (magenta) which optimizes both the top
conductor layout (10-um width and 215-pum gap) and the shield (floating) has a measured
maximum Q-factor of 160 at 25 GHz.
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800 ) 6000
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Fig. 5.8. Measured TL parameters for custom designed test structures (wide-gap TL length
is 257 um and narrow-gap TL length is 423 um)

The magenta and the purple curves in Fig. 5.8c compare the Q-factors of lines with different
sets of physical parameters (width and gap), but the same floating shield. The wider gap
reduces the electric and magnetic coupling between the lines, which increases the self-
inductance of the lines and improves the Q-factor in the range between 20 GHz and 30 GHz.
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The increase in attenuation beyond 30 GHz seen in Fig. 5.8a is due to the resonance between

the oxide capacitance and the inductance of the shield (Lg, and C,, in Fig. 5.13).

5.4.2.1 Modelling the dip in attenuation constant (e) with increasing frequency

The dip in the attenuation constant (a) observed for the wide-gap floating shielded line is a
significant development as it leads to a large Q-factor. Fig. 5.9 shows the simulation results
for the wide-gap floating shield prototype. In Fig. 5.9a, the dip in a occurs between 20 GHz
and 30 GHz with a minimum of 18 Np/m at 24 GHz. The peak Q for the transmission line is
greater than 85 at 24 GHz as shown in Fig. 5.9a which coincides with the a dip.

150 I 100
—_ —— |
£ o0 ! » e
2_ _: I —60 : inner
£ ] ! (40 ©
< 507 ! ] : o
] I < L 20 B outer side/
fY———r————r—r—1+——+0 Shield
0 10 20 @ dip 30 40 Fingers
Frequency (in GHz) oA/m INEN i Ml 100 A/m
(a) Simulated attenuation constant (a) and (b) Simulated current density in a
Q vs. frequency section of the shielded line

Fig. 5.9. Attenuation constant and current density of a shielded line from simulation

Fig. 5.9b illustrates the current density in the top conductor and shield metals from a method
of moments simulation at 25 GHz. Current flowing in the top conductor (i,) induces a loop
current (iszy) flowing counterclockwise on the inner side of the shield finger, in accordance
with Ampere’s law. The direction of current flow in the top conductor is marked by i,, and the
loop current in the shield finger is denoted by iy, in Fig. 5.9b. Current i; induced on the
outer sides of the shield finger is clockwise for the same reason. Therefore, the net current flow

on each shield finger directly beneath the top conductor is zero.

Fig. 5.10 presents a simplified physical layout and a lumped-element circuit used to model

the physical phenomenon causing the dip in a. Voltages v, and v, are applied to portl and
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port2, respectively, and the currents flowing into the network from the corresponding ports are
given by i; and i,. Parasitic capacitance between the signal conductor and shield finger is
modelled by C,,. Each shield finger is modelled by a sub-network comprised of resistor (Ryp,)
and inductor (Lg,) to capture the resistance and inductance of the shield. The mutual
inductance resulting from magnetic coupling between the signal and shield conductors is M.
Resistor R; and capacitor C;; model dielectric relaxation and dissipation of the silicon
substrate. For substrates with higher resistivity (>10 Q-cm), this branch can be ignored as any
current drawn by the reactance of Cj; in parallel with R; is negligible in the frequency range
of interest. Impedance Zg,+ 1S Seen from node v, to ground, as shown in Fig. 5.10b

joMig, | iy
V1> P25 port2

i
e
Port1o

Port 1 £ Signal Conductor

Lot Cal_
Rsi
shunt ~ R
Shield Finger Rsn sh
Substrate Dielectric Layer 2
~..Ground Plane L
(a) Segment of TL and a shield finger (b) Equivalent 2-port circuit representation

Fig. 5.10. Model for the magnetic coupling between the signal conductor and one shield

finger
For the network of Fig. 5.10, the mesh equations corresponding to currents i, i,, and iy, are
(Zeox + Zsn)in + Zeox-ly — Zgp-lgp = g (5.9)

and _Zsh'il + (Zsh+ Zm)lZ + 2'Zsh'ish =0. (510)
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The impedance variables used in the equations correspond to the following circuit components
in Fig. 5.10b:

Zeox =1/ jwCoy
Zsp = Rgp + jwLgp
Zm = jOM. (5.11)
Multiplying eq. (5.9) by two and adding the result to eq. (5.23) gives,

(2Zeox + Zsp)in + 2Zcox + Zsp + Zp)iy, = 2v;. (5.12)

Dividing both sides of eq. (5.12) by 2(i; + i, ) gives,

U1 ( Zsh) il ( Zsh Zm) i2
————=(Zox + + | Zoox + + : 5.13
Griy Ve P )G Tt T )G ry O
Impedance Zgj,,,,; is therefore,
U1 Zsh Zm i2

Z =—-=17 . . .
shunt (il + iz ) cox + 2 + 2 (il + iz ) (5 14)

Port currents i; and i, can be related by the phase constant of the transmission line, 3.
Assuming i, as the reference current with a value of 1,20°, it sees a phase shift of 1 as it flows
through the length (1) of the transmission line. Therefore, the port current into port 1 has a
phase of Bl (i.e., iy = I;£pB1), as illustrated in Fig. 5.11.
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Fig. 5.11. Signal phase shift occurring through the transmission line of length [

i =14Bl =1 cos Bl +j I, sin Sl (5.15)
Assuming phasor notation for the currents (i.e., i; = I; 281 and i, = I,£0°) the ratio 7 ffi ) §
17T¢t2
[ I I I, a I, b
= R =2 —__2 2" __ (516)
(iy+iy) (Uy+ILcosBl+jI;sinBl) (a+jb) (a?+b?) (a? + b?)
where
a=1,+1 cospl
and b = I, sin Bl (5.17)
Substituting egs. (5.16) and (5.17) in eq. (5.14) yields Zpynt
Zsn | Im I,a L I, b
= . - : . 5.18
Zshunt Zcox+ 2 + 2 (a2+b2) ] 2 (a2+b2) ( )
Also, substituting eq. (5.25) in eq. (5.30),
Zshunte =M+ jn
_ ] RSh +ijSh ]le 12 a (,I)Ml 12 b
B wccoxJ’ 2 T (a2+b2)+ 2 (a2+b2)’ (5.19)
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where m and n are the real and imaginary parts of Zg,,.:, respectively. From eq. (5.17), m

and n are
R oM I; I, sin Bl

m = sh n 1. _ 112 B (5.20)

2 2 (L*+2L 1 cosBl+1,2)

wlL 1 wM L*+ I, I, cos Bl
n = sh n 1 _ 2 112 B . (5.21)

2 wCeox 2 (L’+2L1,cosBl+1,2)
The shunt conductance (g) is then calculated from Z,,,n:
m-—jn m

g =real(1/Zspynt) = real (mz n nz) =T (5.22)

Eqg. (15) predicts that shunt conductance is negative when m is a negative value. The value
of m is negative for lengths of transmission line where sinpfBl is negative and

12 11 sin ﬂl
+211 12 COosS ﬁl+12

wM; - e = )] > Rgy,. This gives a range of positive and negative values for m

with sinusoidal periodicity.

This negative shunt admittance is a consequence of the magnetic coupling between the
conductor and the shield, and the phase change of the AC current flowing in the top conductor
with frequency. In the equivalent rlcg circuit of a transmission line (see Fig. 5.2), this effect
reduces the attenuation of the signal in frequency ranges where m is negative, creating a local
dip or minimum in the attenuation constant («) at the corresponding frequencies. This
phenomenon makes the proposed transmission line potential for use in narrow band

application, such as resonators.

5.4.2.2 Transmission Line Resonator with Dip in Attenuation Constant (a)

The transmission line with dip in , or high peak Q at a specific frequency (e.g., 160 at 25 GHz

from Fig. 5.8d) may be modelled as a parallel resonant circuit, as shown in Fig. 5.12.
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Fig. 5.12. Setup for transmission line as resonator

Fig. 5.12a shows the simulation configuring the transmission line as a resonator using 2-port
differential S-parameters from measurement. One port is connected to the ground, and an ideal
capacitor (C.,;) shunts at the other port to tune the resonant frequency. Fig. 5.12b shows the
parallel RLC circuit equivalent of the TL resonator. The value of C,,, is tuned to 80 fF to align
the peak in the input impedance (Z;,) to the « dip at 25 GHz for the prototype TL. The peak
value of Z;; at resonance determines the value of the resistor Rp in Fig. 5.12b (R, = 1301 Q
from simulation). The Q factor for both cases is measured from the bandwidth (i.e., Q =
Wosc/Aw) Of the Z7, and Zr,, .4, and is verified to be 160.

This proves that the high-Q TL with dip in a can be modelled as parallel RLC resonator with
Q peaking at the resonant frequency. Active resonator concepts often exhibit higher selectivity
compared to passive resonators. However, this increase in quality (Q) factor often comes at the
expense of signal-to-noise ratio (SNR) performance and dynamic range. The objective is to
demonstrate that the SNR performance of the TL resonator remains consistent with the energy
dissipated by the resonator when at resonance. Essentially, there should be no decrease in SNR
despite the increase in Q factor from shielding. Moreover, it is noteworthy that the dynamic
range is excellent, as the third-order intercept (TOI) is substantial for a passive resonator in
comparison to active circuits. To achieve this, it needs to be illustrated that the noise power at
resonance is 4kTRp. Therefore, the output mean-square noise voltage is measured from
simulation for both the cases (measured data and RLC circuit), and found to be 4.6 nV (which
iIs 4kTRp for Rp of 1301 Q) for both.. This further verifies that there is no excess noise

attributed to the boost in Q factor from shielding.
76



5.4.3 Modelling the Balanced Transmission Line

A schematic diagram of the proposed lumped-element circuit model for shielded, balanced
transmission lines proposed in this thesis is shown in Fig. 5.13. The model is applicable to
single ended, unshielded and ground shielded lines. For instance, the unshielded line model
would exclude the shield-loop branch, and ground shielded model would have the shield-loop
branch connected to the ground on both nodes. The n-section model contains a series branch

and two divided shunt branches.

joMigy i
RL Ladder _NTY\'
Port1°—_T<>_ Network L | Port2 Lower
c./2 . C./2 resistance
Port3 © J—_/L-_E® sLtLad:el' —’ZY“—\/__/%:q’ Port4  path ©
Cox/2 etwor = Cox/2

Cor/2 7 - A
o S JoMisp Cox/2 Shield (b) RL ladder sub-network
Loop Loop iwMi
joMi
Csi/z | Csi/d CSi/_Z_E Csi ZRSh ZRSh
ZRsi ZRSi
2R 2Rg; 4Lg, T isn| T—3isn4Lgp
2Rsh . ZRsh

(a) Lumped-element model joMi

(c) Shield loop sub-network

Fig. 5.13. Single-section lumped-element model for a coupled transmission line with

floating shield
A. Shunt Branch

Capacitors C./2 model the electric coupling between the signal conductors. Parasitic
capacitance between the signal lines and shield is modelled by capacitors C,, /2 in shunt with
each port. These 4 capacitors and the 4 parallel R-C networks comprised of resistors 2R; and
capacitors Cy; /2 model dielectric relaxation and dissipation of the silicon substrate [82]. Each
shield finger is modelled by a sub-circuit comprised of a resistor (Rgy) and an inductor (Lgp).
The shield sub-network of Fig. 5.13c shows the loop current (i) induced by current flowing
in the signal conductors (i). A current controlled voltage source models the magnetic inductor

with mutual inductance, M. When there is no current in the signal conductor (i.e., i = 0), there
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is no induced loop current (i.e, is, = 0) and the shield sub-network of Fig. 5.13c can be

simplified to the circuit shown in Fig. 5.14.

2R, 2Ry,
2Lg, 2Lsh:>
oWW—""Mo
ZLSh- ZLsh 2Rsh ZLsh
2R 2R,

Fig. 5.14. Shield loop network from Fig. 5.13c, for i = 0.
B. Series Branch

In Fig. 5.13b, inductor L defines the self-inductance and resistor R defines the DC resistance
between ports 1-2 (and ports 3-4) of the 4-terminal network multiplied by some arbitrary
constants K. The value of K5 depends on DC and AC resistance of the signal conductor, which
is frequency dependent [30]. An R-L ladder network [83], [30] models losses in the signal
conductors due to the skin and proximity effects with increasing frequency. Constants K; and
Ky define the constant ratio between two consecutive branch’s inductor and resistor,
respectively. The progressive reduction of the resistance value towards R (from Kz>R to R
marked with an arrow in Fig. 5.13b) signifies the presence of a non-uniform resistive path with
lower resistance on the surface of the conductor, which is caused by the skin effect. The
frequency-dependent series resistance of an on-chip TL, R(f), may be approximated by the

equation [84]
R(f) = Rpc + Re = Rpc + kg /™,

where Rp is the resistance of the R-L ladder at DC. Resistor R, models the dissipation caused
by skin effect and proximity effects with increasing frequency. For substrate resistivities (1/c)
greater than 1 Q-cm, exponent ‘n’ is typically 0.5, giving a square-root of frequency
dependence. The number of parallel branches in the R-L ladder is ‘q’. Two parallel branches
[30] are sufficient to capture the frequency dependent loss across a 60-GHz range for 500-um

long microstrip lines. The number of parallel branches along with K,. and K, coefficients may
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be adjusted to extend the model accuracy and frequency range. The shape of the attenuation

constant vs frequency depends on the number of R-L branches, as illustrated in Fig. 5.15.
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Fig. 5.15. L-E model attenuation constant for different number of parallel branches in R-L

ladder with K, = 1, K, = 0.5 for narrow-gap floating-shield TL

Fig. 5.15 shows that for a smaller number of branches, the attenuation constant has
approximately a \/7 dependency (1-branch curve). Increasing the number of branches to 6
yields an f2 relationship with increasing frequency. The 22-nm FD-SOI CMOS technology
has a resistivity of 10 Q-cm, and 3 branches are chosen to model the skin-effect for the

prototype TLs.

The number of lumped-element sections required to model a transmission line depends on
physical length of the line and the desired frequency range (i.e., minimum wavelength A).
Lines greater than approximately 2/10 in length (i.e., 1 = ¢/(f./€,), where c is the velocity
of light and &, is the relative permittivity of the medium), require multiple single-section
models connected in series, as shown in Fig. 5.13. The attenuation constant («) for the 423-um
long narrow-gap floating-shielded line is compared to 1- and 2-section lumped-element models
in Fig. 5.16. Electromagnetic (EM) simulation data of the line is taken as a reference. The
single section-model begins to deviate significantly from the EM data around 45 GHz, while
the 2-section model replicates the data up to almost 70 GHz. Therefore, a single-section model

may be used to model test structures for lengths below 500 um for a frequency range up to
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A/10, which is 60 GHz for free space (45 GHz for the transmission line, as velocity is lower

for the TL than free space).
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Fig. 5.16. Number of sections vs. EM data of narrow-gap floating-shield TL with 5-um
width, 423-um length and 10-um gap between lines

5.4.3.1 Model Parameter Extraction from rlgc and EM Simulation

Component parameters for the model may be extracted from measured or simulated 4-port data
sets. In this section a step-by-step extraction process is described. S-parameter data obtained

from EM simulation are used for the example described.
= Extraction of C,,, C., C,;, and R;

The first step is to extract parameter values for components C,,, C.., Cs;, and R; with the
input ports driven in the common-mode. Shunt elements C,,,, C,;, and R,; define the impedance
to ground (Z,,.,»:) When all of the ports are short-circuited (ref. Fig. 5.17), as voltage or current

does not flow through the other model components.
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Port1 I Port2

Port1 0— I;;an:a Port2 Port3 P -0 Portd
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Z shunt st/z__l_ § st/g_

ZRS, < 2Rsi

(a) Common-mode setup with EM-data block (b) Common- mode setup with LE model

Fig. 5.17. Shunt branch of the proposed model (without shiel) in the common-mode

From Fig. 5.17, the impedance to ground (Zgp,n¢) in the common mode is given by

1
shunt(w) - [ Cox (]wCSl " RSL)] 2

Rsi . 1 n a)Csi 1

= —] Py
i N2

1+ (wR;Cs;) w Cox % + (wCy;)? 2

Si

(5.23)

= [Re(Zshunt) —J Im(Zshunt)]-
The cut-off frequency in the quasi-TEM mode of a microstrip line on silicon defined by

Hasegawa in [82] is

fo—1 (5.24)

2 i)
TT€Q€siPsi

where € and €, are dielectric constants of silicon and air, respectively. Parameter pg; in

eq. (5.24) is the substrate resistivity.
For frequencies well below £, eq. (5.23) is approximated by,

R; 1
Zshunt(w K 27ch) = % +ja)2C0x. (5.25)

Parameters Rg; and C,, of the L-E model are therefore extracted using (5.25). Substitution

of (5.25) into eq. (5.23) yields an expression for capacitance Cj;
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Yshunt (w) _ Rsi 1 i (5.26)
T = | Zshunt (@) — 7 _ijCox /2(‘)-

Csi =

Line-to-line capacitance, C. is connected between ports 1-3 and 2-4. It is determined from
backend extraction of the physical layout of the TL using the process design kit (PDK) for the
22-nm technology. It is negligible for widely separated (e.g., gap =250 pm) conductors.
However, for the narrow-gap (e.g., gap = 10 um) transmission lines, it defines the electrical
coupling. Parameters C,, and Cg; may also be extracted from the node-to-ground capacitances
extracted from the physical layout (using the PDK tools) as an alternative to the approach

discussed above.
= Extraction of Ry, and Lgy,

To extract shield elements Ry, and Lgy, the 4-ports of the transmission line are excited
differentially, as shown in Fig. 5.18.

r(w) l(w)
Port1 VWW nm Port2
Port1 9— Em Port2 Po ﬁsé\ AMA YN /-\/Port4
é Data =) r(w) l(w) T
Port3 block Port4 c ( w) [ 39@ N (w)
2 [ @ 2 [
9\@) c(w) 9(w)
c(w) c(w) 2
2
(a) Differential setup (b) Calculation of rigc parameters from EM-data

Fig. 5.18. Differential excitation for calculation of RLCG parameters from a 4-port data set

The frequency-dependent ricg parameters [85] of the model are calculated from the
differential 2-port ABCD parameters using eg. (5.4). Shield elements Ry, and Ly, (ref. Fig.
5.13) are then computed. Ports 1 and 2, and ports 3 and 4 are excited differentially, as shown
in Fig. 5.18a. In this configuration, the R-L ladder network and L series branches are short

circuited. However, a self-resonance occurs between the shield inductance (Lg,) and equivalent
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capacitance of the network in Fig. 5.19b (i.e., combination of C,,, C., and C,;). However, C,,

dominates and contributes the most to the resonance among the three capacitors.

Port10—— | 2 0 Port2 Port10 | i -0 Port2
M | Ml (4
Port3 © \ o Port4 Port3 o—-\,—j\j Port4
Cox/2 1~ Coxﬁ< Cox ==
Rsp L
Csi/z | % 2‘
ZRsi ! —
Rsi
(a) Shield parameter extraction setup (b) Simplified equivalent network of (a)

Fig. 5.19. Shield parameter extraction setup with ports 1 and 2, and ports 3 and 4 shorted
for differential excitation

The self-resonant frequency (f;y) of the shield is noted from the simulated data for c(w).

Parameter Lg, is calculated from

fsn=1 / 21 j <Lsh (Csi + %)) (5.27)

For example, if the f;;, is 100 GHz as observed from the c¢(w) plot, L, for a C,, of 50 fF,
Cs; of 1 fF, and C, of 0.6 fF is 50 pH from eq. (5.27). The shield resistance, R, is typically

small (i.e., ~1 Q), because dissipation of metal shield fingers across the length of a single
section is low when the shield is properly designed. From the values of C,,, Cs;, Rs;, and Lgy,
extracted previously, Ry, is determined by fitting its value so that calculated shunt
g-parameter, g.,;(w) for the model (ref. Fig. 5.20b) equals g(w) for data set (ref. Fig. 5.20a)
at low frequency (i.e., f < f.). Measured S-parameter or ABCD parameter data may also be

used for these extraction steps.
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(a) Differential setup (b) Calculation of rigc parameters from LE model

Fig. 5.20. Differential excitation and calculation of rlcg parameters for the lumped-

element model
= Extraction of series components R, L, k, Kz, and K,

The impedances connected in series between the ports 1-2 and 3-4 (i.e., R and L in Fig. 5.13)
are determined from rlcg parameters, r(w) and [(w), calculated from a measured or simulated

data set.
Zseries(@) = [r(w) + jwl(w)] X length of the line,

1
= (R +jwL + : — |, (5.28)
> (1/(K:'R + jwK,'L))

= [req (W) + jwl g (w)] X length of the line

The number of parallel branches in the R-L ladder is represented by i. The series branch
parameters of the model (R, L, k, Kg, and K;) are extracted by fitting the calculated r.,;(w)
and [.,;(w) values from eq. (5.28) to frequency-dependent polynomials that represent r(w)
and [(w) of data set.
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The coefficients of these polynomials (e.g., rpc and kg, for r(w) in (2)) are compared to

solve for R, L, k, Ky, and K;, values from the fitting functions
F(w) = |r(w) — req(w)l, (5.29)

Fl(w) = |l(w) = leq(w)]. (5.30)

* Fine-tuning performance with optimization

Numerical optimization may be used to fine tune the lumped-element model parameter
values to minimize (5.29) and (5.30). The plots of Fig. 5.21 illustrate the quality of fit for the
model parameters before and after optimization for the simulated data set of the narrow-gap
floating-shield test structure. It is seen that the optimization process do not result in a
substantial improvement in the quality of fit, as the model parameters extracted from the above

mentioned approach already offer a good fit with the TL data..

60 2500+
= 504 Model after optimization "€ 2000
] £ ]
E 40__ EM data (black) -é’ 1500_5
Z 304 o .
c £ 10004
= 20 S
S 10 Model before optimization 500

O | TTTT I IIIIIIIIIIIIIIIIIIIIIIIIIIII O: TTTT I IIIIIIIIIIIIIIIIIIIIIIIIIIII

0 5 10 15 20 25 30 35 4C 0 5 10 15 20 25 30 35 40
(a) Attenuation constant ( a) vs. frequency (b) Phase constant () vs. frequency

Fig. 5.21. Lumped-element model performance before and after optimization for the
narrow-gap line with 5-um width, 423-pum length and 10-pum gap between lines

5.4.3.2 Model Performance

The performance of the lumped-element model is shown in Fig. 5.22. Goodness of fit is

characterized by the R-square value (percentage of the variance in the dependent variable), is
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87% for @ and 99.7% for S across the 10 MHz — 60 GHz range. Cascading multiple lumped-
element sections (i.e., 3 sections in this case) is sufficient for this wide frequency range. Fit of

the model in the common mode has a goodness of fit of 88% for «, and 99.8% for S.

Wide_floatshield_meas [ Wide_floatshield_model  #-#-=-v-»

Narrow_floatshield_meas  ggeegeetegt  Narrow_floatshield_model »u-x-s-x-%
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o
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3000+
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.. °
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[(8)]
o
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T 0
0 10 20 30 40 50 60 0 10 20 30 40 50 60
Frequency (in GHz) Freauencv (in GHz)
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Fig. 5.22. Measured vs. model performance of Fig. 5.13 (a) attenuation and (b) phase

constant for floating shielded wide and narrow gap TLs

Fig. 5.22 shows the performance comparison for wide- and narrow-gap TLs with a floating
shield. It models the behaviour of both slow-wave and TEM modes accurately. Fig. 5.23
illustrates the @ and g results of the model a model of the narrow-gap TL with a grounded

mesh shield. In this case, parameters Ry; and C,; from Fig. 5.13 are set to zero.

500+ ~3000
Solid line = Measurement

Dotted line = L-E model w‘.v"'

42500 €
g =
'52000 4
£1500 &
£ c
£1000 =
E Q.
500
—+0
60

Frequency (in GHz)

Fig. 5.23. Measured vs. model attenuation and phase constant for the narrow-gap-mesh
shield.
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In Fig. 5.24, Q-factors for the three test structures are plotted. The plots of Fig. 5.8c are
compared with the corresponding Q plot from the model. It can be seen that the agreement
between the proposed lumped-element model and the measured data is very good. The lumped-
element model captures the electrical behaviours of shielded or unshielded TLs and is

applicable to static and dynamic simulations of circuits.
Wide floatshield meas Bem==e==  Wide floatshield model hingh ol it

Narrow floatshield meas #0008 Narrow floatshield model 4 s-x-x

Narrow meshshield meas ®=@=#®® £, 0w meshshield model ®-<-o-o-o

200,

150

g 100

50-]

0 10 20 30 40 50 60
Frequency (in GHz)

Fig. 5.24. Measured vs. L-E model Q factor plots

5.5 Summary

This chapter presented the design of high-Q, on-chip transmission lines fabricated in 22-nm
FD-SOI-CMOS technology. Layout improvements and floating substrate shielding designs
were demonstrated for the Stack-11 BEOL option of the technology that showed improved
Q-factor. Measurement results show a peak Q-factor of 160 at 25-GHz for the 257-um long
wide-gap coupled lines, and demonstrate their potential for applications in low-loss RF/mm-
wave interconnects and narrow-band transmission line resonators. The high Q is caused by
a dip in attenuation constant which is modelled in this work. The physical phenomenon

supporting the model is also explained.

A lumped-element model for these high-Q shielded lines is also presented. The equivalent
circuit accurately models single-ended and balanced transmission lines at mm-wave

frequencies for both substrate shielded and unshielded variants. Scalability without loss of
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accuracy is realized by employing multiple sections of the lumped-element model, as required.
Parameter extraction for a multi-section, lumped-element model of a balanced on-chip
transmission lines with floating shields was described in detail. Accuracy of the model is
verified for on-chip transmission lines fabricated in 22-nm FD-SOI CMOS technology. The
model characterizes both differential and common-mode behaviours making it a complete and

accurate model for small-signal and time-domain simulation of on-chip transmission lines.
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Chapter 6
Integrated Bridge Oscillator Circuit Design

The bridge stabilized oscillator has the potential for low phase noise performance. In this
chapter, a fully integrated 8-GHz bridge oscillator design is described that targets -130 dBc/Hz
phase noise at 1-MHz offset. The on-chip L-C bridge resonator proposed in Chapter 4 is
utilized in the design of the oscillator. The amplifier stages in the oscillator must be designed
carefully when attempting to realize low phase noise. For this work, a two-stage amplifier is
proposed for high efficiency and low-noise performance. Close attention is paid to interstage

interfacing of the amplifiers and the bridge to realize the desired phase noise target.

6.1 Proposed Oscillator Topology

A top-level block diagram of the integrated bridge oscillator is illustrated in Fig. 6.1. The
design consists of a bridge resonator circuit, a low-gain preamplifier with a tuned bandpass

filter load, and a power amplifier stage.

Tuning
Control

Preamplifier

Tuned
Bandpass
Filter

]
] X < B ~~_Oscillator
| N

Loop
Power Amplifier (PA)

Tuning
Control

Ztmt,Br

Bridge Resonaton

Zin,Br

Fig. 6.1. Block diagram of the proposed integrated bridge oscillator
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The prime objective of the proposed design is to achieve low phase noise. The bridge circuit
is described in Chapter 4. The bridge output is the error voltage (e). The resonators are tuned

to the desired oscillation frequency (fosc)-

A sharp transition in the phase response of voltage ‘e’ (i.c., a—Z) is seen close to f,s.. The

gain of the bridge also shows a null point at f, ;.. The gain is designed such that error voltage
(e) is 0.1 V/V when the phase shift is 180°. The two amplifier stages then boost the error
voltage to provide sufficient loop gain for sustained oscillation. The open-loop voltage gain
(Gy 1) Of the circuit in Fig. 6.1 is

Gv,OL = (Gpr * Gprea " Gpa) (6-1)

where Gy, Gpr0a, and Gp, are open-loop voltage gains (including loading effects) of the
bridge, preamplifier tuned with the bandpass filter, and the PA, respectively. According to
Barkhausen’s criteria presented by eq. (1.6) and (1.7), G,, o, should be greater than unity, with
a phase shift of at least 360" for a sustained oscillation. As discussed in Section 2.1, these
conditions refer to small-signal operation of the loop at start up, where the preamplifier and
PA can be modelled by the equivalent circuit of Fig. 6.2. In the model, g,, is the
transconductance, and c;, Il rjp; and cqye Il roue Model the input and output impedances,

respectively.

i : Z'" Zout :
Preamplifier/PA o0—— Lo

e o s o s o o o 1 1

i 1 H
A TPV = ~ =. ir

Vin i iv°“t Ny V'"i Cin S rin 9mVin Mout Cout ivout L

R o | o~

! 1

l :

Fig. 6.2. Small-signal amplifier model
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The voltage gain of the amplifier from the small-signal model is

G _ Vout
PreA/PA — v

= =9m " Zout |l Z, (6.2)

in
where z,,,; is the output impedance of the amplifier (i.e., rouc Il Cour), @and z; is the load, which

in this case is the impedance seen looking into the input of the next stage. Substituting eq. (6.2)

in eqg. (6.1) gives the open-loop gain

GU,OL = Gpy - —Y9mPrea’

)

Zout,PreA " ZLPreA | ~ Zout,PA " ZLpPA 6.3
—9mpA T o (6.3)

Zout,prea T ZLprea Zout,pAa t Z1Lpa

Impedance Z; _prea IS Seen at the output of the preamplifier looking into the bandpass filter
network (z;, gpr in Fig. 6.1), and z; p, is the impedance seen at the output of the PA looking
into the bridge (z;,, 5, in Fig. 6.1). The loading present at the interfaces between stages, has a
significant effect on the loop gain (Gy L), as seen from eq. (6.3). Therefore, each stage is
designed to provide the required gain, including loading effects, while offering a suitable input

impedance to interface with the preceding stage.

6.2 Tapped Resonator

The resonator for the bridge circuit can be a series L-C, parallel L-C, or a combination of

both series and parallel L-C networks, as depicted in parts b, ¢, and d of Fig. 6.3.
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Fig. 6.3. Proposed bridge circuit with different L-C resonators

The small R,, value of 5Q for the series bridge resonator (demonstrated in Chapter 4)
results in an input impedance Z;, gr (€.9., see Fig. 4.1a) for the bridge which loads the PA
stage driving the bridge in the oscillator. Moreover, the potential for breakdown of the series
capacitor (C,.) due to the voltage swing (i.e., > 10 V) across it at resonance must be avoided. A
parallel L-C resonator has an impedance peak at w,.., and lower values at frequencies away
from resonance. However, a large R,.,, is also a problem from an oscillator design perspective,
as it increases Z,,; pr (€.9., see Fig. 4.1a). In other words, the source impedance seen by the

stage following the bridge (i.e., preamplifier) must be considered as well.

A combination of both series and parallel resonances, as illustrated in Fig. 6.3Fig. 4.1d, is
selected in this work for integrating the bridge resonator into an oscillator implantation to
overcome the challenges of simple series or parallel resonators. It is realized using a tapped
autotransformer. The exact value of R,, is determined from the physical layout. The coil
inductance (L) is selected to optimize its Q factor at w,.. In Chapter 3, it is demonstrated that
the Q-factor of a 2.5-nH inductor in the 22-nm FD-SOI CMOS technology peaks at 8 GHz
(e.g., see Fig. 3.5b). A tapped autotransformer designed with a total self inductance of 2.5 nH

(at low frequency), and tuned to 8 GHz gives an impedance value of 100 € at resonance.
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The resonant frequency (w,s.) IS

Wosc = ) 6.4
osc L.C, ( )

where L; is the total inductance of the coil, and C; is the capacitance across the inductor as
shown in Fig. 4.1d. Assuming j X, and —j X, for Z,; and Z,,, respectively, the voltage transfer

function (G, ¢) of the tapped bridge circuit at w,, is derived from the voltage divider rule

Vout(wosc) _ ern(wosc)z B sz

Vin(wosc) B ern(wosc)z + sz .

Gbr,t(wosc) = (65)

The equivalent impedance (Z,.,,,) of the tapped resonator is the parallel combination of the
n.L; segment of the coil and the rest of the coil, (1 — n;)L; in series with C;. Neglecting the

resistive 10ss (R,.s,), Z, sy, IS therefore given by

11 joneL[w?(1—n)L.C, — 1]

Zysn = jXpsn = joneLe Il j |w(1 —ng)Le — ol = 2L, C, — 1 . (6.6)
where n, is the ratio of the inductance across the tapped nodes with respect to L,.
Since w?L,C; is close to unity near resonance,
N wneLe[w?(—n)LeC] 6.7)
e w2L,C, — 1 '
dXTSTL( )
and T‘*’ ~ 2n,’L,. (6.8)
A general formula for Q for the bridge circuit is given by eq. (4.9) in Chapter 4
Wosc 1 dv(w) (6.9)

Wr == T T do

where v(w) is [Im (Gbr,t(w)) /Re (Gbr,t(w))].
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Substituting eq. (6.6) in (6.5), and neglecting the second-order reactive term (X,.,?) in the

vicinity of resonance, v(w — w,s.) IS given by

Im (Gbr,t(wosc)) N Im(ern(a)osc)Z - sz)
Re (Gbr’t(wosc)) Re(zrsn((")osc)2 - sz)

V(W > Wosc) =
(6.10)
_ Im(Rysn”® + j2RrsnXrsn — Xrsn® — Xb°) _ 2RysnXron

 Re(Rysn” + j2RrsuXrsn — Xrsn” = Xp°)  Resn” —Xp*

Substituting eq. (6.10) in eq. (6.9) and neglecting as |v(w)| is significantly smaller

_r
1+v(w)|?’
than 1 near resonance, the loaded Q factor of the tapped bridge (Qpt,10a4) IS given by

Wose dv(w) Rysn ) dXysn(w) )

Qbrtioad = 5" = Wosc 2 2
2 dw R n° — X, dw

F,. (6.11)

Parameter F; is an empirical factor which is a function of frequency (it carries the

do(w)
dw '

discontinuity in phase response of the bridge), frequency step (Af) for and value of the

load impedance (Z,) at the bridge output. The formula of Qp; ¢ 10aq has two terms. One is

Rrsn -dX””(“’)], which depends on the intrinsic physical characteristics of the

bridge. The other one is the empirical parameter F;, which incorporates the impact of loading
and discontinuity on the phase response of the bridge during closed-loop operation. Therefore,
the first part is only derived to understand the design approach for the bridge circuit for high-

Q performance. For simplicity, the derivation of F; is not performed in this section.
Substituting eq. (6.8) in eq. (6.11), @y ¢.10qq fOr the tapped-resonator bridge is approximated
by

Rysn * Wosc nt(l - nt)Lt F = Rysn * Wosc Zntth )
(Rrsnz - sz) l A

Qbr,tload = F;, (6.12)

where A is (Rs,> — X,,%). Fig. 6.4 shows the simulation results of F; vs. load impedance at

the bridge output (Z;) for the tapped-resonator bridge and a frequency step of 10 MHz. The
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value ranges from 10 to 47 for a load resistance of 10 Q -1 kQ at the bridge output, as shown

in Fig. 6.4. Therefore, increasing the load increases the Qp; ¢ 1004

50
40 -
_ Frequency =8 GHz
e~ 30 - Af =10 MHz
20 -
10

00 02 04 06 08 10
Load Resistance (in kQ)

(b) F; vs load Resistance (Z})

Fig. 6.4. Dependence of F; on load resistance

Eq. (6.12) predicts that the quality factor of the tapped resonator bridge circuit depends on
design parameters R,,, A, and the ratio n,. There is a trade-off between Q.+ 1044 @and gain,
which is determined by R,., and A. Increasing A increases the gain but degrades Q. ¢ 10qq- FOr
afixed A, a larger R,, gives lower gain and higher Q. ¢ 10qq- TO achieve a gain of 0.1 V/V at
resonance for a 100-Q R,.,, an X, of around 91 Q is required from eq. (4.3). Physical layout

of this 100-Q tapped resonator are described in Section 6.2.2.

Eq. (6.12) also predicts that Qp; ¢ 1044 1S Proportional to n, (1 — n,). A value of 0.5 is chosen
for the resonator, which maximizes n,(1 — n;,) and therefore Qp, ¢ 10qq- Fig. 6.4b predicts the
F; value for an open-circuit load is 95. The Q for an open-circuit load is therefore calculated
from eq. (6.12) to be 140, with R, =100Q, X, =90Q,n, = 0.2, L, =2.5nH,and F; =
47.

6.2.1 Closed-loop Performance of the Proposed Bridge

In a closed loop, the bridge is loaded by the input impedance of the preamplifier. The loading

effect is analysed by simulating the bridge performance for different load impedances, as
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illustrated in Fig. 6.5. In Fig. 6.5a, |Gbr't|loaded is the voltage gain of the bridge circuit when

connected to a differential load (Z;) at the output.

7, = 1.000
Z, = 3162 Z, = 100.0
Z, = 10,00 Z, = 316.2
7, = 31.62 2, =100k
20 _0.0000
= - Z;=1kQ| § ]
S ¥ -100.0 ]
£ he) -
- 8 £ ]
% 204 < -200.0 -
_= E :
% 404 3 -300.0
S S ]
— g S ]
) E— [ S -400.0 -
6.4 7.4 8.4 9.4 6.4
frequency (in GHz) frequency (in GHz)
(a)Bridge gain with variable load (a)Phase of the bridge gain with variable load

Fig. 6.5. Simulation results to show loading effects on bridge response

Fig. 6.5 shows that increasing the load increases the gain. However, from the phase plot in
Fig. 6.5b, it is seen that increasing Z; also increases the phase shift at frequencies above f,..
In addition to this phase shift, there are also phase shifts caused by high-frequency poles from
the L-C networks in the bridge and caused by parasitic capacitances of the amplifiers. These
additional phase shifts can contribute to an overall phase shift of more than 720° in the phase
response of the loop gain for the full oscillator. This creates the possibility of a secondary or
unwanted parasitic oscillation. Lowering Z; at the bridge output helps to suppress the
secondary oscillation. A value between 10-80 Q provides a phase lead of 15°-70" above f, .,
as compared to the phase shift for an open-circuit load (Fig. 6.5b). Therefore, the preamplifier

input impedance target is set to 35 Q to for a phase lead of 20° above f, ..
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6.2.2 Autotransformer Layout Design for Tapped Resonator

The tapped autotransformer is comprised of an inductor coil (L;) and a tuning capacitor (C;)
as illustrated in Fig. 6.6. The ends of the coil (i.e., P3 and P4 ports) are the primary terminals,

and the tapped nodes taken out of the coil (i.e., P1 and P2) are the secondary nodes.

L
— 155-ﬁm —_—
1 1
b
PLaA s T : 0.625 nipy L= Lt
L{ N 2 +P3
|| |#7.5um Z ‘ P1
2 M . 4 . (125 )1:Lt° ~Loc,
‘H<— 80-um —> H7 ~ P2 ) PS:SB fF
( & 1 —nyL,
P2 s T2 Ztap 5
Ztap ' (0.625 nH)

(a) Tapped autotransformer layout (b) Equivalent Circuit

Fig. 6.6. Proposed tapped resonator

The impedance (Z,,,,) seen between nodes P1 and P2 for the simplified equivalent circuit of
Fig. 6.6 is given by eq. (6.6). The right side of eq. (6.6) has two complex conjugate poles and
three zeros. The zero frequencies (w,; and +w,,) are determined by equating the numerator
terms (wn,L¢) and [w?(1 — n,)L.C, — 1] to zero. Similarly, the pole frequencies (+w,,) are

achieved by equating the denominator term (w?LC — 1) to zero:

Wy = 0 , (613)
. 1

Wz = i]m, (6.14)
.1

Wy = i]ﬁ- (6.15)

The poles and zeroes lie on the imaginary axis of the s-plane. However, a practical
autotransformer will have a real component resulting from losses that are ignored in the

simplified calculation. The self inductance (L;) and capacitance (C;) are designed applying the
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concepts (i.e., custom layout and floating shield optimization) from Section 3.1 and 3.2 to

achieve a peak frequency (w,1) of 8 GHz (i.e., the desired resonant frequency) from eq. (6.15).

A 4-turn autotransformer physical layout is shown in Fig. 6.6a. An outer dimension of
155 pm, is chosen to realize the required inductance of 2.5 nH which gives Q peak at 8 GHz
and an equivalent resistance of 108 Q at w,,. 0f 8 GHz. Capacitor (C;) is designed to achieve
a resonant frequency of 8 GHz. Thick (3 um) copper metal layer, QB is used to implement the
resonator coil. Postlayout electromagnetic simulation results of the magnitude and phase

responses of Z.,, for the autotransformer are illustrated in Fig. 6.7.

150 100-,
125+ Resonance ';g ]
100 b 0]
S i
N 25 N
07"“\"“I“"\""\"“I“" \‘-100:.‘,‘|H‘.‘.‘.‘W...‘.,."..H
1 5 9 13 17 21 25 1 5 9 13 17 21 25
Frequency (in GHz) Frequency (in GHz)
(a) Impedance (Z,y, ) vs. frequency (b) Phase of Z;,, vs. frequency

Fig. 6.7. Simulation results for resonator autotransformer

The magnitude of the impedance is 108.6 Q at 8.1 GHz, as shown in Fig. 6.7a. The phase
response from Fig. 6.7b illustrates the location of the zero at 11 GHz (blue curve). This is
determined by the values of n;, L, and C; using eq. (6.14). The Q factor of the autotransformer

(Qautoxr), measured from the derivative of the phase of Z,,,,, is plotted in Fig. 6.8. The result

shows a Q of 27.8 at 8 GHz.
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Fig. 6.8. Q factor of the tapped L-C autotransformer

6.2.3 Tapped Bridge Resonator Performance

This section presents details of the physical layout design of the full bridge circuit with a tapped

resonator. The layout is formed by connecting two identical resonator autotransformers and
the balancing inductor and capacitor, as illustrated in Fig. 6.9.

out,res * | Lb I
}R Z sn N Zysn
p P NEREE ey
tres T
VoJrut,res Vt+nr¢s [
o L o L
Vv | Vv l n "?Em"es Cp Vgut.%res

(a) Bridge circuit (b) Physical layout of the bridge circuit

Fig. 6.9. Full bridge circuit layout

The load (R;) value is 35 Q for the desired phase performance, as described in Section 6.2.1
from the closed-loop performance of the bridge. The balancing inductor (L) is a 3-turn coil in

QB layer with 111-um outer dimension, 3.5-um conductor width, and 4-pum spacing between
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the adjacent conductors, to realize an inductance of 1.8 nH (impedance X;, of 90 Q as required
for the bridge gain of 0.1 V/V for a 35 Q load). The 221-fF balancing MOM capacitor (Cp) is

implemented in C1, C2, and C3 metal layers with a cell dimension of 18.5 um x 19 um.

The component interconnects in Fig. 6.9b add unwanted inductance and capacitance. To
minimize parasitics, interconnects are designed with thick top metals (i.e., LB, QB, and QA).
Postlayout EM simulation results for voltage gain of the bridge with R,.g,, of 108 Q and X,, of
90 Q (i.e., L, of 1.8 nH and C,, of 221 fF) for a load (R;,) value of 35 Q are shown in Fig. 6.10.
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Fig. 6.10. Simulation results of the bridge circuit

The magnitude of the gain at resonance (Fig. 6.10a) is -20 dB (i.e., |Gbr't|loaded =0.1at8

GHz), which agrees with the value calculated from eq. (6.5) for R,.,, of 108 Q and X, of 98Q.
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A sharp phase response is noticed at 8 GHz from Fig. 6.10b, which predicts a loaded Q factor
(Qbr.t10aq) OF 45 (see Fig. 6.10c) for 35-Q load resistance (i.e., the input resistance of the
preamplifier). The active circuits in the oscillator are designed to compensate for -20 dB loss

of the loaded bridge circuit.

6.3 Phase-Noise Analysis

The bridge consists of only L and C passive components, designed for minimal ohmic losses.
Therefore, there is minimal thermal noise and no flicker noise sources in the bridge circuit.
With high-Q bridge components, the dominant noise sources are thermal and flicker noise
generated by transistors in the amplifiers. These noise sources are modelled by equivalent noise

sources connected at the amplifier inputs and outputs, as shown in Fig. 6.11. Three noise

current sources (i, i2,, and %) placed on the three interface nodes A, B, and C are shown in
Fig. 6.11.

A+ Preamplifier
A ™~
2 d)llztl |—’ gm@
A- | - |
Tuned
Z!‘NJ)J'(_’A Bandpass
Filter
B- ]
hd 5 T—— Zour,prvA
Lh2
~—
B+

Power Amplifier
Z!mt‘P/l (PA) Zin,PA

Fig. 6.11. Noise model for the bridge oscillator circuit

The mean-square noise voltage at node A (V_Tzu) is defined to be the product of mean-square

noise current (i2,) and the square of the magnitude of the impedance seen by iZ,, which is

—_ - 2

2 _ 2
Uni =lp |Zin,preA I Zout,Brl .

(6.16)
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At node B, the noise due to iZ, is

T Y 2
i3] =i |Gmpreal (6.17)

at B

where g, prea IS the transconductance of the preamplifier stage. The total noise power at node

B is therefore

+i2,. (6.18)

The total mean-square noise current at node C is derived similarly as

a = E : |Zin,PA Il Zout,preA|2 : (gm,PA)z + %

= [(Zin,preA " Zout,Br) : gm,preA ’ (Zin,PA " Zout,preA)
) (gm,PA)]Z 131_1

+ [(Zin,PA I Zout,preA) : (gm,PA)]2 1121_2 + g

(6.19)

Eqg. (6.19) reveals that E has the largest effect on i2., as it is multiplied by both the
preamplifier and PA gains. This effect was verified by system-level phase noise simulations
described in Appendix B (see Fig. B. 3). Therefore, noise generated at the input of the

preamplifier will typically dominate the total noise power of the oscillator.
The phase noise of the oscillator circuit is derived applying the Leeson’s linear feedback

model described in Section 2.3.1:

E/Vozut,peak _ |Zin,Br(wO + wp)lz ' E

|1 - Hbr (a)p) |2 Vozut,peak

L(“’p) =

2
Wo
1+ |(7—— 6.20
+<2prbr> ] (6.20)

where H,,.(w,) is the low-pass equivalent transfer function of the band-pass bridge circuit with

a half-bandwidth of wq/2Qy,;.
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In eq. (6.20), Zyyr,pa(wo + w, ) is assumed to be significantly larger than Z;, 5, (wo + ,).

The bridge impedance (Z;;, g,) is given by
Zinpr(@) = [Zrsn (@) + jXp(@)] | [Zrsn(w) — jX,(w)], (6.21)

. 1
Rrsn2 + sz +]RrsnXb [(1 + m) - 1-I-—m] (6 22)

Zin,Br(wO + wp) = . 1
2Ry + jX, [(1+m) — 15—

Parameter m is the ratio of w, to w, (w,/w,). For w, of 1 MHz and w, of 8 GHz, m is
significantly smaller than 1, and [(1 +m) — ﬁ] is approximated by just m. Assuming that

(Rrsn” + Xp,?) is significantly larger than R,.s,X,m and that 2R, is significantly larger than

Xpm, eq. (6.22) can be simplified to

Rysn® + X2
Zin,Br(wO + wp) = —rng > (6.23)
rsn
2 2
Using egs. (4.6) and (6.12) from Chapter 4 to determine Brsn X" and
substituting the result in to eq. (6.23) gives
|Zin e (0 + )| = sooiree (6.24)

2Gprt(Qbrti0ad/Fi) |
Finally, the phase noise of the bridge oscillator is obtained by substituting eg. (6.24) in eq.
(6.20),

P2

lne wone?Le ’ Wo ?
L(w,) = 7 l - 1+< ) . (6.25)

out,peak Gbr,t(Qbr,t,load/Fi) pr Qbr

Eq. (6.25) gives useful insights into a low-phase-noise bridge oscillator design. The design
variables are chosen to achieve the target phase noise (i.e., < -130 dBc/Hz at 1 MHz offset).
Table 6.1 shows an example calculation of phase noise using eq. (6.25) for the bridge proposed

in the previous section.
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Table 6.1. Phase noise calculation example

Parameters Values
Gort 0.1 V/V
Qbr,t,load 40
L 2.5nH
fo 8 GHz
n; 0.5
Vout,peak
(achieved by cascoding a 1.8-V breakdown MOSFET with a 6V
0.8-V breakdown MOSFET from the 22-nm FD-SOI '
technology to maximize output voltage swing)
S2 2
he 4x 10721 2
(measured from simulation) Hz
F; for a bridge load of 35 Q (ref. Fig. 6.4). 16
L(1 MHz) calculated from eq. (6.25) -137.1 dBc/Hz

Eq. (6.25) is validated by system-level simulation shown in Appendix B. Using the same
design values used for above calculation, the simulation shows a phase noise of -136.8 dBc/Hz
at 1-MHz offset (see Fig. B. 2 on page 143) which is very close to the calculated value.

6.4 Summary and Design Approach for Low Phase-Noise

A theoretical analysis of the proposed integrated bridge oscillator and its performance is
presented in this chapter. As predicted from the phase noise formula in eq. (6.25), the resonator
autotransformer parameters (n; and L), the loaded bridge gain Gy, and the loaded Q factor of

the bridge Q,,- are important passive design parameters.

Higher output power from the PA is needed to realize low phase noise from the oscillator
(ref. eq. (6.25)), which is achieved by increasing the PA output voltage swing Vo peqr- FOr

the 1.8-V breakdown EGSLVT transistors available in the 22-nm SOI-CMOS technology,
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2.6-V peak swing is achievable using a cascode topology. Internal voltage swings also depend
on breakdown voltages of the passive devices in the technology. There are several high-voltage
passive options in the 22-nm SOI-CMOS technology (e.g., 10-V MOM capacitors). This limit
is raised by using custom designs in the passive layout as discussed in Chapter 3. Thicker top

metals are utilized to design robust, and high-breakdown (> 30 V) passive components.

Another factor contributing to the phase noise is the mean-square noise current, E This is
dependent (thermal and flicker noise in the MOSFET preamplifier). Designing the preamplifier

for lowest phase noise is therefore critical to the oscillator performance.

As seen from eg. (6.19), the gain of the PA stage should be made small for better phase noise
performance, while providing gain sufficient to sustain oscillation. A small-signal gain of
4 VIV for the PA is therefore targeted for the proposed design. These leaves a gain requirement
of 10 V/V from the preamplifier for a loop gain of 4 VV/V assuming a bridge circuit gain (G,,)
of 0.1 V/V. Amplifier designs are presented in Chapter 7.
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Chapter 7

Integrated Bridge Oscillator Implementation

In this chapter, the design of a fully integrated oscillator using a bridge resonator in 22-nm FD-
SOI CMOS technology is described.

7.1 Active Circuit Blocks

Design of the active circuit blocks (i.e., preamplifier and PA blocks) is facilitated by the 22-nm

technology, which offers several different types of MOSFETS.

7.1.1 Transistor Options in 22-nm SOl CMOS Technology
The 22-nm SOI-CMOS technology offers body bias trimming of a fully depleted SOI

transistor. This permits adjustment of the threshold voltage (Vr4), which affects the transistor’s
DC bias current and transconductance [25]. Forward body bias (i.e., applying a positive voltage
to the body of an NFET, or negative voltage to the body of a PFET with respect to the source)
lowers Vg, resulting in a higher bias current. Similarly, a reverse body bias raises V- to lower

the drain current, which is used in digital ICs to control leakage currents in the ‘off” state.

The technology process design kit (PDK) offers two types of transistors with varying V;y
(i.e.,, SLVT and LVT). The PDK also offers multiple back-end-of-line (BEOL) options.
Transistor p-cell models include the interconnect parasitics of transistor metallization up to the
first metal layer (M1), or metals up to the fifth layer (C3) for RF applications. The differences
between the models is primarily the additional parasitic capacitances between transistor
terminals caused by metal interconnections. Thick-gate-oxide transistors are also offered (e.g.,
EGSLVT and EGLVT). The thicker oxide provides higher breakdown and a wider operating
voltage range (e.g., instead of SLVT with 0.8V nominal supply, EGSLVTs support 1.2 V,
15V, or 1.8V supplies). The SLVT transistors have lower Vry limit, and higher
transconductance than the LVTs. Therefore, SLVT transistors are a good choice for low-noise

and high-gain analog/RF designs. To endure the voltage swing anticipated at the output of the

106



oscillator in large-signal operation, the EGSLVT transistors with more than 4-V drain-to-

source breakdown voltage are selected for the power amplifier design.

7.1.2 Power Amplifier Circuit

The purpose of the power amplifier (PA) in the oscillator is to provide small-signal gain
(~ 4 VIV) and limit the oscillator output voltage swing for sustained oscillation. A MOSFET
common-source amplifier is a good option for limiting, as the output voltage is clipped due to

the finite power supply.

7.1.2.1 Topology and Design Methods
The PA topology used in this design is illustrated in Fig. 7.1a. It is a differential NMOS

cascode amplifier designed for high-output voltage swing. High-breakdown (drain-to-source
breakdown voltage of more than 4 V) EGSLVT NFET transistors are used as M,, and M.. to
realize higher output voltage swing.

RF choke

Preamplifier load coil

(a) PA circuit (b) Small-signal model of half-circuit

Fig. 7.1. Power amplifier circuit

The cascode topology allows a (single ended) maximum peak voltage swing of

Vop — 2Vps sae, Where Vi oo, IS the knee voltage of the transistor.
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The average output power (F,g4), in terms of differential peak output voltage swing (V4—p)

and differential bridge impedance (Z;;, ., ref. Fig. 6.1), is given by

Voa—p\® 1
P - ( ) . (7.1)
we \/E Zin,Br

A Py, of 35 mW dissipated by a 100-Q Z;, g, is targeted to realize an oscillator phase
noise of below -130 dBc/Hz at 1-MHz offset. This gives a V,;_,, of 2.5 V from eq. (7.1).
Assuming a Vpg sq¢ 0f 0.3 V for the EGSLVT NFET and Vp, 0of 1.9V

Vod—p - Z(VDD - ZVDS,sat) - 25 V. (72)

The transistor widths are determined by the required small-signal voltage gain. The voltage
gain (Gprea), INPUL (Zin, prea) and output (Zyye prea) iMpedances from a small-signal analysis

of the half-circuit model in Fig. 7.1b. Ignoring z; and z¢. for simplicity, these are given by

Gpy = _gm(zout,PA Il Zin,Br/z) ) (7.3)
Zout,pc

Zoutpa ® (1 + GmeZousc) Zout + thft’ ) (7.4)

ZinpAa = Zin (7.5)

where g.., zin, and z,,, are the transconductance, gate-to-source, and drain-to-source
impedances of M,,, respectively. The transconductance, gate-to-source, and drain-to-source
impedances of M. are g, Zine, and z,y¢c, respectively. Assuming z,,. p4 is significantly
larger than Z;,, g, in eq. (7.3), a g,,, for M;, of 80 mS is required for a voltage gain of 4 V/V
when Z;,, g, is 100 Q. The V5 for M,, is set close to the threshold voltage to ensure operation
between class-A and class-B for higher efficiency while keeping the swing large (ref. Fig. 2.5
in Section 2.5.1). Therefore, the Vs is chosen to be 0.7 V with a DC bias current of 16 mA.
For these V¢ and g,, values, the width of the transistor is determined to be 192-um. For

simplicity, the width of M. is made the same.
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7.1.2.2 Simulation Results

Small-signal post-layout simulation results for the PA are shown in Fig. 7.2. A voltage gain of
3.95 V/V at 8-GHz is achieved as depicted by Fig. 7.2a. A phase shift of approximately 30° is
seen at 8-GHz. This output phase shift is caused by the parasitic capacitances of the transistors

(dominated by z,,. in Fig. 7.1a). In the oscillator, the phase lag is compensated by the phase-
lead of the preamplifier.

Phase of voltage gain — Differential input voltage —
Differential voltage gain (for 100Q) l0ad) — ee—— Differential output voltage (for 100Q load)
42 4 - 10.0 30
o ’qmj 5
c 34] F400 O 20. 9
© | o0 =
O 1 [ -80.0 ') > 10 -
Q 2.6 ‘ [ © E -
o Fo1200 £ T2 00
% 18 1 t o >8 - 7]
S F-1600 & -L.
] [ <
10 F 2000 & 20 -
02— z>-7400 e L—— T T T T
0.0 10.0 20.0 30.0 40.0 50.0 19.6 19.68 19.76 19.84 19.92 20.0
frequency (in GHz) time (in ns)
(a)Frequency-domain plots (b)Time-domain plots

Fig. 7.2. Post-layout simulation results for the PA

The time-domain results are illustrated in Fig. 7.2b. It shows that the output differential voltage
is limited at approximately 2.5-V by clipping, which agrees with the estimation made in
Section 7.1.2.1. The large-signal post-layout simulation result for the transfer curve (i.e., V,,;

vs 1)) is illustrated in Fig. 7.3. Limiting of the output voltage swing is achieved by the PA at
2.5 Vpk.
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Vout-peak (I n V)

Vin-peak (in V)

Fig. 7.3. Transfer curve for large-signal post-layout simulations of the PA

7.1.3 Pre-Amplifier Circuit

To achieve a loop gain greater than unity, the resonator is coupled to two stages of
amplification. The preamplifier first stage loads the bridge and determines its closed-loop
behaviour. This section provides details of the preamplifier design, and post-layout simulation

results.

7.1.3.1 Proposed Topology and Design Methods

An oscillator loop gain greater than one is necessary for oscillation, as seen from eq. ).
Therefore, the target for the small-signal loop gain (G, o.) is 4 to maintain a safe margin. With
a bridge stage gain (Gy,-) of 0.1 V/V (from Section 4.1), and a PA gain of 4 V/V, the voltage

gain required from the preamplifier (G.,) is approximately 10 V/V.

The proposed preamplifier circuit is illustrated in Fig. 7.4a. A common-gate (CG) cascode

topology is implemented with PMOS transistors M, and M,...
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Fig. 7.4. Preamplifier circuit

A PMOS topology is used to simply biasing of the PA input when DC coupled to the
preamplifier output. The drain of preamplifier output transistor (M) is connected to the gate
of the transistor at the PA input at node B (ref. Fig. 6.11). The DC voltage applied to the gate
of the transistor must exceed the gate oxide breakdown voltage. For example, the SLVT
transistors in the 22-nm FD-SOI CMOS technology has a V¢ limit of £0.9 V, whereas the
Vps breakdown voltage is specified at more than 3V, depending on the width of the transistor.
Therefore, an interface of NMOS gate with a PMOS drain allows a low bias voltage of 0.7 V.

In this way, breakdown is avoided for high voltage swings at this node.

The noise generated by the preamplifier affects the phase-noise performance of the
oscillator, as seen from eq. (6.19). The preamplifier design is therefore optimized for low-noise

performance. To minimize noise, the input transistor M, is biased at the optimum current

density (“’WS) for minimum mean-square noise voltage referred to the input of the amplifier.
The mean-square noise voltage at the source of common-gate SLVT PFET with 10-um width
and 20-nm length is plotted in Fig. 7.5 against |IDWS| and Vg (Vsp=0.8 V). Of the different types

of transistors offered by the technology, the SLVT PFET has one of the lowest mean-square
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noise voltage values for an |IDWS| between 0.1-0.2 mA/um, as shown in Fig. 7.5a. This gives a

Vs of 0.4 V for My, as seen from Fig. 7.5b.
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(a) Noise power at source vs. |ﬁ|

W (b) Noise power at source vs. Vg

Fig. 7.5. Mean-square noise voltage at the source of a SLVT PMOS transistor

The width of M, is then determined by the transconductance required for a voltage gain of
10 V/V. The voltage gain (Gprea), INPUL (Zinprea) and OULPUL (Zoyepres) IMpedances are
determined from small-signal analysis of the half-circuit in Fig. 7.4b. Ignoring z,, and z,, for

simplicity, as their values are negligible at low frequency, these are given by

GpTeA ~ gmp (Zout,preA ” (Zin,PA ” Zlc)/z) ’ (76)

Zout,preA ~ (1 + gmpczoutpc)[(l + gmpzoutp)zoutbr + Zoutp] + Zout,pc ’ (7-7)
] — _Zinz+Zoutp

Zm,preA ~ (1+gmpzoutp) ) (7-8)

Where gmp, Zinp, and zy,., are the transconductance, gate-to-source, and drain-to-source
impedances of My, respectively (ref. Fig. 7.4b). The transconductance, gate-to-source, and

drain-to-source impedances of My are gmpc, Zinpe, aNd Zgyipc, respectively. The impedance
seen looking into the source of M is z;p,.
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The preamplifier input impedance (z;, ,rea) affects the closed-loop phase response of the
bridge. If z;, -4 Is too small, it loads the bridge output and reduces the closed-loop gain. On
the other hand, when z;,, ;.4 is large, it increases the closed-loop phase shift of the bridge at
high frequency, increasing the likelihood of oscillation at 2 x 360" phase, as discussed in
Section 6.2.1. The optimum value of load impedance for the bridge (determined from
simulations, see Fig. 6.5) is between 30 Q and 40 Q. The g,,, required to realize a z;; pre4 Of
33 Qs calculated from eq. (7.8) to be 65 mS. The width for M, that results ina g,,,, of 65 mS,
for a Vs, of 0.4 V (ref. Fig. 7.5b) is 30 um.

The cascode topology with M. improves the output voltage swing, as it allows the single-

ended maximum peak voltage swing to be (Vpp — Ves — 2Vsp saz ), Where Vep o4, is the knee
voltage for the transistors. The input of the preamplifier is connected to the PA output node
via a resonator (see Fig. 6.11). Therefore, bias current is sourced from the 1.9-V supply PA.
The preamplifier output, on the other hand, is connected to the PA input. Therefore, 1, is
sourced from the gate bias of the PA transistor’s input, which is set to 0.7 V. This gives a
maximum single-ended swing of approximately 1 V. To endure this large-signal voltage at the
drain of Mp., a 1.8-V EGSLVT high-breakdown transistor is chosen from the 22-nm
technology library. The cascode topology increases the output impedance of the amplifier

(Zout prea)- The width of the M. transistors for the preamplifier are chosen to be 90 um, which

results in a z,y¢ prea OF 1 KQ.

With g,,,,, of M, determined from noise consideration, and making z,y; prea s large as
possible, the preamplifier gain (G,,¢4 in €q. (7.6)), is dependent on the filter impedance, Z;..
For this reason, Z,. is optimized by the coil physical layout, as described in the following

section.

7.1.3.2 Preamplifier Output Shaping

The L-C bandpass filter load of the preamplifier in Fig. 7.4 causes the voltage gain to peak at

fosc+ As the output impedance of the preamplifier (zyy:pres) and the input impedance of the
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PA (zi,p4) are designed to be higher than 1 kQ, the preamplifier load is determined by the
impedance of the L-C filter (Z,.) in eq. (7.6). The design of the tapped autotransformer for the
preamplifier L-C filter load is similar to that of the tapped resonator discussed in Section 6.2.2.
Selecting a larger inductance coil (L) gives a higher Z;. (ref. eq. (6.6)), but at the cost of higher
parasitic and ohmic loss as the metal footprint increases. The load network is designed to have
a Z;. of 600 Q. This gives a voltage gain of approximately 12 V/V from eq. (7.6) assuming

Zinpa Of 2kQ and Z,y¢ prea OF 1 KQ.

7.1.3.2.1 Tapped Autotransformer for L-C Filter

The 5-turn coil designed for the preamplifier L-C filter with outer dimension of 142 um and

conductor width of 6.5 pm, is shown in Fig. 7.6a. It has an inductance of 3.4-nH for peak Z,,,

of 678 Q. The poles (xw,;) and zeros (w,; and tw,,) are

le - 0 ) (79)
=+ 1

Wz = —m) (710)
1

Wpr = £ 7= (7.11)

A capacitance of 62 fF is added to tune the load to 8 GHz. The capacitor is implemented in
top-metal layers QB and QA (same as the coil) to simplify the physical layout, and reduce
parasitic capacitance between the interconnect metal and the substrate. The post-layout
electromagnetic (EM) simulation results for the tuned circuit are illustrated in Fig. 7.7. The
magnitude of the impedance is 678 Q at 8.1 GHz (see Fig. 7.7a.) The phase response from Fig.

7.7b illustrates the location of the zero at 14 GHz (blue curve).
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Fig. 7.7. Impedance of tapped autotransformer for the preamplifier L-C filter

The frequency of the zero (w,,) is tuned by selecting the tapping ratio (n;), as predicted
from eq. (7.11). This ratio varies with the location of terminals T1 and T2 in Fig. 7.6a. A ratio
of 0.67 sets w,, to 14 GHz, which causes the180° change in the phase response of Fig. 7.7b.

A w4, closer to w,,, is desired to prevent the loop phase shift of an oscillator exceeding -
720°, which is necessary to prevent secondary oscillation. On the other hand, a higher Z, is

desired for achieving higher gain from the preamplifier. A balance is therefore made, with peak
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Ztap of 678 Q and w,, of 14 GHz, as determined from the oscillator loop gain requirements

described in Chapter 6.

7.1.3.3 Simulation Results of the Preamplifier

Small-signal post-layout simulation results of the preamplifier are shown in Fig. 7.8a. As
shown in the solid red plot, a voltage gain (G.4) 0f 10 V/V is achieved for a 1 kQ load at a
frequency of 7.99-GHz. The dashed traces represent the gain and phase for the preamplifier
only (without the L-C load filter). This illustrates the shifts in peak gain and change in voltage
gain at the desired oscillation frequency (i.e., peak of the solid red plot is at 8 GHz) as the L-C
bandpass filter is added. Large-signal simulation results are shown in Fig. 7.8b. A voltage gain

of 10 V/V for an input of 100-mV is obtained. The mean-square noise current at the input of

2
the preamplifier is 7.4 x 10722 % from simulation.
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Fig. 7.8. Post-layout simulation results for the preamplifier

7.2 Biasing of Active Circuits

The biasing scheme used in this work is illustrated in Fig. 7.9. The active circuits need bias
voltages at the gates of M, M,¢, and M. These are provided through the DC bias pads marked
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and I,

in yellow as Vg4, V, .

. respectively. The gate of M, and the drain of M. shares the

bias voltage at node B. Coil Ly of the tuned L-C filter network is used to supply bias to node B
from the DC pad marked V;;. Node A and node C in Fig. 7.9 share bias voltages supplied
through the L, coils of the bridge circuit. The bias voltage at this node is applied at the tap of
one of the L, coils from bias pad, V,p. In this way, the drain of M, and the source of M, are
connected to the V, supply. All bias nodes act as small-signal grounds, reducing the effect of
thermal noise from voltage references on the phase noise of the oscillator. Laboratory power
supplies are used as bias sources for the prototype developed in this work. However, the effects
of noise produced by on-chip bias sources on performance is a subject for further study of the

bridge resonator oscillator.

Tuning
Control

&

Preamplifier

013

Power Amplifier (PA)

Fig. 7.9. Oscillator bias scheme

The advantage of this approach is that there is no need for extra biasing coils. The coils
already used in the design are utilized, which conserves chip area. However, as the V,, node
creates an AC ground at the centre-tap of one coil of the bridge, the response of the bridge in
the common-mode shifts, requiring re-balancing of the bridge. This effect may be treated as
an advantage, as the imbalance created by the bridge bias increases the bridge gain by 10%.

However, it comes with the cost of Q degradation by approximately the same amount. As the
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phase noise depends both on the bridge gain and Q factor (eq. (6.12)), the overall phase-noise

performance is unaffected.

7.3 Tuning Control Circuit

Frequency tuning ensures that the oscillator operates at the desired frequency of 8 GHz despite
manufacturing variations. To achieve this, tuning control circuits are deployed in different
stages of the oscillator circuit, as shown in Fig. 7.9. The purpose of the tuning circuits is to
trim the gain and frequency of the oscillator. This could be realized by employing a MOS
varactor or switching fixed value capacitors in the circuit under digital control. Switched-

capacitor tuning is used for the low-noise oscillator in this work.

7.3.1 Switched Capacitor Network

A diagram of the proposed switched-capacitor tuning circuit is illustrated in Fig. 7.10. It
consists of several capacitor branches in parallel. The capacitance values in each branch are a
binary weighted multiple of unit capacitance C,. An n-bit control circuit activates the switches.
Each branch has a total capacitance 2™C,,, where n is the branch number. A switch in series
with the capacitor is controlled by the voltage, V,,. The equivalent impedance (Zy) seen at
ports 1 and 2 of the circuit is varied by selecting the combination of the branches that are
switched on. In this way a variable capacitor of tunable value, Cry, is realized between port 1

and port 2. The maximum achievable Cy, when all the switches are activated is (2"t — 1)C,,,

CTNFull—Range = (2n+1 - DG, (7.12)
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Fig. 7.10. Tuning-control circuit

The 22-nm SOI-CMOS PDK offers a range of metal-oxide-metal (MOM) capacitors. For
capacitors below 1 pF, PDK capacitors are used. Custom physical layouts are designed for
high-Q performance capacitors above 1 pF in value. The Cy range is first determined for each
tuning control circuit (ref. Fig. 7.9) from corner simulations of the circuit to control the worst-
case process variation. The PDK offers substrate files for minimum and maximum resistance
and capacitance variations. Post-layout simulations with these two substrate files define the

minimum and maximum parameter ranges anticipated.

The switch is designed using a single NMOS transistor for simplicity. As the tuning circuits
are connected to high-voltage-swing nodes of the oscillator, they must endure large AC voltage
swings across them. Therefore, the 1.8-V EGSLVT NFET is used as the switch transistor. The
width of the transistor is chosen to be 10 um as a trade-off between on-resistance (R,,) and

parasitic capacitance (Cpy).

7.3.2 Tuning Range

Two major tuning control circuits are deployed in the oscillator prototype. One is placed across
the bridge balancing component (L, in Fig. 7.9) to vary the gain of the bridge, and hence the
overall loop gain. The required range of Cry 1, is approximately 300 fF, which is determined
from simulation for a 25% change in bridge gain. A 3-bit control circuit is designed, which has
unit capacitors (C,) of 43 fF, as calculated from eq. (7.12). This is called the coarse tuning

bank. A medium tuning bank that covers a range of 43 fF with unit capacitors of 6 fF, and a
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fine tuning bank that covers the range of 6 fF with unit capacitance of 0.9 fF are also deployed,

as shown in Fig. 7.11a across Zp; .

/}]’F Crn 1b(Coarse)

A .
ﬂr CTN,Lb(Medlum)

To the
LA . —
— | Crvb (Fine) preamp
. - - o/p
W Zpy Hek Lg
Z sn Zisn
CTN,res . CTN,res
[ v v
JZ : b i ut,re. n, Z . !
Wy N = _ |
7N : 7N me= Crnic
- 1 ’
l/m,res sz V;ul
(a)Tuning control in Bridge (b) Tuning control in preamplifier LC filter

Fig. 7.11. Tuning control implementation

The tapping point, where the Cry 1, tuning circuit is connected to the coil L,, is determined to

optimize routing in the physical layout and the required tuning capacitance range.

As the capacitor values are small (i.e., < 1pF), 10-V breakdown MOM PDK capacitors are
used in the Cry 1 (Coarse) and Cry 1, (Medium) tuning circuits. As the unit capacitance for
the fine-tuning circuit (0.9 fF) is in the atto-Farad range, layout parasitics between the capacitor

metals are incorporated into the design, as shown in Fig. 7.12.
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Fig. 7.12. Implementation of Cry 1, (Fine) tuning circuit

Another 3-bit tuning circuit is designed to adjust the tuned load of the preamplifier that
determines the peak in the loop gain (see Fig. 7.8). The required range of Cry ;¢ is determined
in the same way as Cry . A capacitance of 50 fF and a tuning range of 11% in f,s is
determined from corner simulations. This gives a tuning range of 7.6-8.5 GHz for the resonant
frequency of the L-C filter to adjust the gain peak. With the shift in the peak gain of the
preamplifier, the phase response of the oscillator also shifts. Therefore, Cry 1, tuning enables
fosc tuning. This is used as the primary tuning control for oscillation frequency. The Cry ;¢ is

placed across the L-C load as shown in Fig. 7.11b.

A third tuning control (Cry s) is used to control the frequency of the resonator placed at
the input of Z,.q,,, as shown in Fig. 7.11a. A range of 160 fF for Cry ... €nables a 2% change

in fosc. It is used as an auxiliary tuning control for tuning f..

7.4 Output-stage Buffer and the Full Prototype

The final RF output from the oscillator loop is taken from the preamplifier output node through
a buffer, as shown in Fig. 7.13. The digital control voltages for the three tuning-control circuits
are stored in a 16-bit shift register (serial in parallel out or SIPO). The register takes serial input

data (from a bond pad) and converts it to a 16-bit parallel output control word, as illustrated in
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Fig. 7.13. Among the 16 bits, 15 bits are gate voltages used to control the switches. The

remaining bit is output for verification.

serial | ] 16-bit Shift Register
Input SIPO
£t 1 e e reer v Check
R A PO e = ‘—v—’l “c
Crnres Covun[ £ TEE T2
FALL FE4 54
M m G

Power Amplifier (PA)

Output-Stage Buffer

RFout+ RFout--

Fig. 7.13. Schematic of the complete oscillator prototype

The layout of the bridge oscillator prototype designed in the 22-nm FD-SOI CMOS
technology is shown in Fig. 7.14. The total chip area is 0.48x0.35 mm?, and the active chip
area is 0.28x0.18 mm?. Two P-G-P-P-G-P-P-G pad sets each having five power (P) pads and
three ground (G) pads are used for applying the DC bias voltages and digital control signals

for the tuning circuits.
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7.5 Post-layout Simulations of the Oscillator

Final post-layout simulation results are shown in Fig. 7.15 to Fig. 7.17. The differential RF
output voltage build up from a cold start (i.e., gradually turning on each transistor in the active
circuits) is illustrated in Fig. 7.15. An output voltage swing of 2.49-V pea is achieved from
simulation. Fig. 7.15b illustrates the stable oscillation output across a shorter time scale. The

loop gain and phase response are plotted in Fig. 7.16. As expected, the loop gain is 4 with a

phase shift of 360°at 8 GHz.
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Fig. 7.16. Loop gain and phase response

Fig. 7.17 illustrates the phase-noise simulation result. A phase noise of -131.613 dBc/Hz at
a frequency offset of 1 MHz is achieved for an 8-GHz carrier frequency. The corner frequency

between the 1/f2 region and the thermal noise floor is 110 MHz, which gives an effective

bridge Q-factor of 36 (from Leeson’s formula, corner frequency is %).
br
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Fig. 7.17. Phase noise performance

7.6 Summary

The main objective of this work is improving upon the phase-noise performance of state-of-
the-art on-chip RF oscillators by leveraging the high-Q bridge resonator circuit and passive
components designed and explained in the previous chapters. The phase noise target,
(-130 dBc/Hz at 1-MHz offset) is achieved in simulation with ~1.5 dB margin for an 8-GHz
oscillation. High-Q passive and novel on-chip high-Q bridge resonator circuits demonstrated
in this work are utilized to design the low-phase-noise oscillator. Robustness is improved by
equipping the circuit with multiple tuning networks to adjust the loop gain and frequency. Post

layout simulations predict a phase noise of -131.6 dBc/Hz at 1 MHz offset and 8-GHz carrier

frequency.
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Chapter 8

Conclusions and Future Work

This thesis has focused on the analysis, design, and validation of an integrated, high-Q on-chip
bridge resonator and passive components. These elements are used to design a low-phase-noise
RF oscillator (< -130 dBc/Hz at 1 MHz offset and 8 GHz carrier frequency) suitable for
portable wireless and wireline applications. The main building blocks developed for the bridge
oscillator include: 1) passive components, 2) a bridge circuit, 3) a preamplifier, 4) a tapped
L-C filter, and 5) a power amplifier (PA). All circuits are fully-differential for ease of
integration onto a single silicon chip. The circuit prototypes are simulated in GlobalFoundries
22-nm RF SOI-CMOS using BEOL stack option 19.

The success of this design comes from the utilization of high-Q passive components,
including capacitors, and inductors, which have been optimized and implemented in a
production 22-nm SOI-CMOS technology. Custom-designed inductors, with inductances of
1 nH and 2 nH, achieve Q factors exceeding 30 at 10 GHz. These inductors are realized through
BEOL Stack 11 and Stack 19 configurations with varying shielding patterns, demonstrating
remarkable performance. Additionally, high-Q capacitors, surpassing Q factors of 500 at 10
GHz, are demonstrated. Balanced transmission lines with Q factors exceeding 150 at 25 GHz

are also successfully designed and implemented.

An on-chip bridge resonator, drawing inspiration from Meacham's seminal low-frequency
discrete bridge circuit introduced in 1934, is realized by utilizing these high-Q passive
components. Experimental results validate a Q-factor exceeding 50 at 8.5 GHz. Moreover, the
potential of this high-Q bridge resonator in facilitating the design of a low-phase-noise RF
oscillator is demonstrated, with post-layout simulations predicting a phase noise below -131

dBc/Hz at a 1 MHz offset for a 8-GHz carrier frequency.
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8.1 Future Work

Several challenges and ideas for future work raised during the design, implementation, and

measurement phases of this thesis.

1. Addressing the need for proper on-chip loop gain control and frequency tuning circuitry is
crucial for mitigating the impact of process variation on oscillator performance. Future
work could explore several avenues for further improvement and innovation. Investigating
methods to optimize on-chip loop gain control to ensure robust and stable oscillation across
process variations is an area for future work. This could involve exploring adaptive biasing
for gain control.

2. There is scope for implementing more range with the tuning circuits given the nature of
high sensitivity of the high-Q circuit to the accuracy of simulator tool, process, and
environmental variations. Other tuning mechanisms that offer low parasitic effect in the
layout and therefore minimally affecting the core circuit performance can be explored.
Investigating innovative approaches which involve the development of self-calibration
techniques or adaptive control algorithms capable of dynamically adjusting oscillator
parameters to optimize performance in the presence of process variations is another
potential research topic.

3. On-chip calibration mechanisms can be implemented to enable real-time monitoring and
adjustment of critical parameters in response to any type of variations. This may involve
the incorporation of built-in self-test (BIST) or self-correction mechanisms to ensure
consistent and reliable performance under varying conditions.

4. The number of components in the bridge circuit can be reduced to reduce the complexity
of the circuit. This can help with implementation and layout design and reduce parasitics.

5. Further research could focus on developing capacitors and switches capable of operating
beyond 10V breakdown without compromising performance. Custom-designed
components for specific voltage requirements can be explored.

6. Techniques to lower supply voltages by optimizing the design and performance of the
amplifier stages can be explored further. This could involve exploring different circuit
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10.

topologies, transistor configurations, number of stages, or biasing schemes to minimize
supply voltages while minimizing phase noise.

The noise of the preamplifier stage is critical for the phase noise performance of the
oscillator. An area of research could be optimizing the preamplifier design to reduce the
noise further.

The transmission line resonator designed in this work could be used in a VCO. Future work
can include demonstrating an oscillator with this type of transmission line resonator.

The Q factor of the inductors can be raised beyond 30 by using the concepts demonstrated
for transmission line resonator.

Area for future exploration includes a thorough examination of the common-mode and
differential-mode behaviours within the bridge oscillator loop. This investigation has the
potential to unveil new avenues for enhancing phase noise performance even further.

The phase noise formula derived in eg. (6.25) can be further investigated by sweeping the
individual design parameters to assess its accuracy and effectiveness as a practical design
tool.

By addressing these areas of future work, further advance in bridge oscillator circuit design

and performance may be achieved and contribute to the development of more efficient, high-

performance electronic systems for various RF applications.
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APPENDICES

Appendix A

Phase Noise Fundamentals

Phase noise is the short-term instability of the oscillator output caused by phase modulation.
An oscillator produces a sinusoidal output of the form

‘/O(t) = AOSC COS(wOSCt + (pOSC)' (A'l)

where A,,. and w,q. are the oscillation amplitude and its angular frequency, respectively.
Ideally, they are constant over time. In this situation, the zero crossings of V, (t) occur at exact
integer multiples of the period (i.e., T = 1/f,s.). Due to unavoidable physical noise sources,
these quantities are modulated in a real circuit, and are thus time-varying. Modulations can be
classified generally as amplitude and frequency/phase modulation [5].
In case of amplitude modulation (AM), the oscillator output voltage becomes

Vo unr (8) = Apsc[1 + acos(wgt)]. cos(wpsct), (A.2)

where, the first term (i.e., A,5:[1 + a cos(wgt)]) represents the random amplitude variation as
a function of time. Typically, a is significantly smaller than unity, and w, is smaller than w,..
In the frequency domain, eq. (A.2) transforms to a Dirac delta function at w,., along with

sidetones at frequencies (w,s. + w,). The resulting output voltage can be expressed as [5]

aA
Vo s (£) = Agge sin(wpsct) + ZOSC [cos((wosc — a)a)t) - cos((a)osc + wa)t)], (A.3)

where, the (w,s. — w,) frequency component represents the lower sideband, and (w,s. + @)

represents the upper sideband.

Frequency modulation is explained in terms of phase modulation (PM), as phase is the
integral of frequency. The time-dependent phase term, ¢py,(t) models phase modulation of

the output voltage
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VoPM (t) = Aosc Cos(wosct + (pPM(t)); (A-4)

opu(t) = @, sin(a)pt). (A.5)

The phase modulation index (¢,) can be represented as the ratio of frequency variation
(Aw,,) divided by the phase modulation rate (w,). If @, is much lower than one radian, which
is the case of small-angle modulation (i.e., narrow-band frequency modulation), the output

signal V, . (t) can be approximated as

PM

VoPM(t) = Apse c0S(wpsct)
Aosc®
+ % [Cos ((wosc —~ wp)t) — cos ((a)osc + wp)t)].

Similar to the AM case, PM also generates two sidebands in the frequency domain, as can

(A.6)

be seen from eq. (A.6). It shows that the oscillator signal is comprised of three frequency

components: one at w, ., representing the power of the oscillator fundamental signal (or carrier

power), and two sidebands of equal amplitude A"szﬂ, at (wosc + wp) and at (wese — wp)-

From eq. (A.6), the single-sideband phase noise, L(wp), can be defined as the ratio between

the root-mean-square (RMS) power of either sideband and the RMS power of the carrier as [5]

% (Aoszcwp)z
(p 2
L(wp) = m = (7;,) . (A7)

The factor of % in both numerator and denominator of eq. (A.7) is due to the RMS form of

power. Limiting of the signal by the active devices introduces a coherence between the upper
and the lower sideband known as ‘conformability’ [5]. Two signals are conformable when their
mean frequency (w/2m) is large compared with their maximum frequency difference, their
amplitudes are equal at the same frequency offset with respect to the mean frequency, and their
phases are equal and opposite. Also, noise from higher harmonics is mixed up (or down) to the
oscillation frequency by the non-linear behaviour of the active devices in the oscillator. For

simplicity, these two phenomena are not considered in this section.
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AM and PM are illustrated using the phasor diagram of Fig. A.1 for better understanding.
The oscillation signal can be thought of as a carrier (phasor A,,.) with a small perturbation due
to PM/AM rotating at its tip.

Aosca +m‘/\5/\—(1) Aosca (.’._,‘_'-..
2 a A a T 3

(Aasc‘Pp )
— |tw
2 P
Rotating at /\
Wosc Aosc Aosc
(a) AM (b) PM

Fig. A.1. Phasor diagram for amplitude and phase modulation [5]

There are two phasors rotating in opposite directions, one for the upper and one for the lower
sideband. The sum of these two sideband phasors model AM and PM of the carrier A,,.. The

component along the axis of the carrier vector being AM noise and the component orthogonal
to the carrier vector being phase noise. As seen from eq. (A.6), cos ((wosc + wp)t) is

approximated by cos(wysct), when w,, is much lower than w, .. Therefore, PM can be thought
of as a linear modulation as long as the phase deviation (i.e., w,t) is considerably less than 0.1

rad. With limiting of the oscillator amplitude at large signal, the amplitude variation becomes
negligible, as it gets fixed to a certain value. The AM component can therefore be removed,
and PM dominates. Therefore, phase noise is typically the most important parameter
characterizing the performance of oscillators.
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Appendix B

System-Level Simulation

The ADS schematic circuit for oscillator system-level simulation is shown in Fig. B. 1. The
resonators in the bridge circuit are formed with EM simulation data for a 100 Q resonator. The
rest of the components (i.e., tuning capacitor, L, and C,) in the bridge circuit are modelled
with lumped elements with ohmic losses modelled by resistors. The values are chosen to

achieve a gain of 0.1 VV/V from the bridge.
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Fig. B. 1. ADS Schematic diagram for the oscillator

The L-C filter is similarly formed with EM simulation data block with a lumped-element

tuning capacitor (C¢).
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The preamplifier is modelled with its small-signal model. The PA limiter block is modelled
with a behavioural simulation block from ADS. It limits the output voltage of the oscillator
providing the loop-gain. A limiter circuit was developed using the functional block from ADS
which limits the output to 3 V. The block implements voltage limiting by using a hyperbolic
tangent function. Usually, a MOS differential pair limits its output current following a
hyperbolic relationship with the input voltage. The active circuits including the preamplifier
and PA gives a total voltage gain of 42 V/V (preamplifier ~10 V/V and PA ~4 VV/V) which is

similar to the requirements set in the design section of Chapter 6.

The amplifiers are modelled to be noise-free. Therefore, the noise generated by the real
amplifiers are modelled with three noise current sources ‘Noise source PreAin’,
Noise source PreAout’, and ‘Noise-source PAout’ (following the model described in Fig.
6.11 on page 101). The noise current value is set to 20 pA which is in the range of expected
noise at the input of PMOS preamplifier designed in 22-nm SOI CMOS technology. To
compare the weight of contributions for each noise current source to the total noise, all three

noise current values are taken to be 20 pA.

The simulation results of the oscillator system-level circuit are shown in Fig. B. 2. The phase

noise is -136.7 dBc/Hz. The output voltage has a peak swing of 3.6 V.
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Fig. B. 2. System-level simulation results
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Fig. B. 3 illustrates the contribution list of all the components to the total noise of the oscillator.

index name var("type") vne NC3.noisefreq
0 _total _total -136.8 dBc 1.000 MHz
1 Noise_source_PreAin |_Source -140.4 dBc
2 | Noise_source_PreAout |_Source -141.7 dBc
3 Resonator1 subckt -146.0 dBc
4 Resonator2 subckt -147.9 dBc
5 Noise_source_PAout |_Source -152.7 dBc
6 Filter subckt -155.8 dBc
7 Lb L -162.9 dBc

Fig. B. 3. Contributions of the circuit blocks to the total oscillator phase noise

Fig. B. 3 shows that the noise at the preamplifier input has higher contribution than the noise

at the PA output.
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