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Abstract

With the high data rate communication systems that come with fifth-generation (5G)
mobile networks, the shift of operation to millimeter-wave frequency becomes inevitable.
The expected data rate in 5G is significantly improved over 4G by utilizing the large
available channel bandwidth at millimeter wave frequencies and complex data modulation
schemes. With this increase in operation frequency, many new challenges arise and research
efforts are made to tackle them. Among them, the phased array system is one of the hottest
topics as it can be made use of to improve the link budget and overcome the path loss
challenge at these frequencies. As the last circuit component in the transmitter’s front-end
right before the antenna, the power amplifier (PA) is one of the most crucial components
with significant effects on overall system performance. Many of the traditional challenges of
CMOS PA design such as output power and efficiency, are now compounded with the addi-
tional challenges that are imposed on complementary metal-oxide semiconductor (CMOS)

PAs in millimeter wave phased array systems.

This thesis presents a balanced power amplifier design with enhanced linearity in Glob-
alFoundries’ 45nm silicon-on-insulator (SOI) CMOS technology. By using the balanced
topology with each stage terminating with a differential 2-stacked architecture, the PA
achieves saturated output power of over 21 dBm. Each of the two identical sub-PAs in the
balanced topology uses 2-stage topology with driver and PA co-design method. The linear-
ity is enhanced through careful choice of biasing point and a strategic inter-stage matching
network design methodology, resulting in amplitude-to-phase distortion below 1 degree up
to the output 1dB compression level of over 19 dBm. The balanced amplifier topology
significantly reduces the PA performance variation over mismatched load impedance at
the output, thus improving the PA performance over different antenna active impedance
caused by varying phased array beam-steering angles. In addition to this, the balanced
topology also optimizes the PA input and output return loss, giving a better matching
than -20 dB at both input and output, and minimizing the risk of potential issues and per-
formance degradation in the system integration phase. Lastly, the compact transformer
based matching networks and quadrature hybrids reduce the chip area occupation of this

PA, resulting in a compact design with competitive performance.
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Chapter 1

Introduction

1.1 Motivation

In the recent era, technology is advancing at a more rapid pace than ever. Wireless
communication is starting to play a critical role in numerous applications such as wearable
devices, mobile data, augmented reality (AR), virtual reality (VR), ubiquitous health care,
smart home, cloud office, etc[27]. All of these have triggered an exponential rise in mo-
bile data traffic demand. Although techniques such as carrier aggregation and advanced
multiple-input multiple-output (MIMO) has sustained the fourth-generation (4G) Long
Term Evolution (LTE) to meet the increasing data traffic demand for an extended period
of time, the low available bandwidth in sub-6 GHz frequency ranges will undoubtedly fall
short when the technologies are expected to meet data rate of gigabits per second and
beyond. These demands see an evolution of wireless communication technology from 4G
to fifth-generation (5G).

With this increase in demand of signal bandwidth, conventional sub-6GHz starts to
see its limitations due to the limited available frequency bands in the sub-6GHz frequency
ranges. As a result, millimeter wave frequency bands will see more frequent usage in
5G services because of the gigahertz of available bandwidth. Due to the relatively lower

attenuation level at the Ka band frequencies, as illustrated in Figure 1.1 and the large
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Figure 1.1: Attenuation per kilometer of millimeter frequencies[32]

available bandwidths, various bands in this frequency range are chosen for high data rate

5G communication.
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In additional to the wider bandwidths, 5G utilizes the massive MIMO technique. Com-
pared to the MIMO technique in 4G, it essentially combines the concept of beamform-
ing with MIMO and enables data link between multiple users and a base station. This,
combined with the increased path loss at millimeter wave frequencies compared to sub-6
frequency ranges, results in the hardware solution of phased array systems. Meanwhile,
low-cost chips with high integration capability are enabled as the modern complementary
metal-oxide semiconductor (CMOS) technologies advances in terms of high frequency per-
formance. These factors drive the need for a phased array system with beam-forming

front-end circuitry implemented in highly integrated beam-forming chips.

1.2 Problem Statement

Many challenges exist for modern PA designers. First, CMOS technology is known for its
advantages in low cost and high integration capability. However, as the device size reduces
in more advanced technology nodes for improved speed, the resulting low breakdown volt-
age limits the output power achievable of the PA. The contrast is especially stark when
compared to some of the III-V technologies such as gallium nitride, which could operate
under supply of tens of volts without breaking down. Another problem that comes with
high frequency design is the high capacitive reactance at these frequencies. Simply in-
creasing the dimensions of the transistor could result in deteriorated performance. Thus,
to make a CMOS PA viable and reach a satisfactory level of output power, techniques to
enhance the output power of a PA without causing significant performance degradation

should be carefully considered.

Second, to maximize data throughput, 5G millimeter wave wireless links will make use
of complex modulation schemes and techniques, such as high-order quadrature amplitude
modulation (QAM), Orthogonal Frequency-Division Multiplexing (OFDM). These signals
with complex modulation schemes come with large Peak-to-Average-Power-Ratio (PAPR).
For example, the 64 QAM single-carrier signal typically has a PAPR of 7.1 dB, whereas
the 3GPP 5G NR FR2 400 MHz 2-CC 64 QAM signal has a PAPR of more than 11.7
dB at a 0.01% of its complementary cumulative distribution function (CCDF). Enveloped



signals with high PAPR in range of 6 to 12 dB puts strong emphasis on both linearity and
the back-off efficiency of the PA. In addition, the increased power consumption of digital
pre-distortion (DPD) with the wide signal bandwidth compounded with the low power
of CMOS PA lead to the low feasibility of DPD on individual PA due to the significant
degradation to overall transmitter efficiency. This places further limitation on tolerable

PA non-linearity.

In addition to these traditional PA design challenges, antenna coupling in phased array
systems presents further trouble for PA designers. The poor matching of the antenna
elements as well as load impedance mismatch that comes from beam-steering are both
factors that could introduce significant degradation to PA performance as the impedance

deviates from the designed impedance.

This thesis presents a linearity enhanced balanced power amplifier design as a solution
to these aforementioned problems. Using 2-way differential 2-stacked PA stages, the PA
achieves saturated output power of over 20.5 dBm, with a peak power-added efficiency
(PAE) of over 37%. The linearity enhanced 2-stage sub-PA design in each branch of the
balanced PA makes the PA suitable to operate with high-PAPR signals. With 2-stage
class-AB driver and PA co-design, the PA has an output 1dB compression point (OP1dB)
of over 19dBm and a amplitude to phase distortion of up to 1 degree until OP1dB. The
balanced amplifier improves the input and output return loss to over 20dB, and improves

PA resiliency to VSWR variation as verified in the final results.

1.3 Thesis Organization

The thesis is organized as follows. Chapter 2 goes over the main challenges of millimeter-
wave power amplifier designs and discusses the approaches and techniques used in state-

of-the-art power amplifiers.

Chapter 3 will start off with a brief comparison of different transistor layout topology.
This is followed by a discussion of stability in power amplifiers. Lastly, the chapter wraps
up by discussing the design of stacked-FET PA as well as showcasing some load-pull results

of different transistors available in the archive.



Chapter 4 will present the design specification, design consideration and general design
methodology of the millimeter wave 2-stage balanced power amplifier. Complete results of
EM simulation are included, and PA performance under variation of VSWR will be tested

and presented.

Chapter 5 concludes the thesis with a summary of findings and will mention some

possible directions that future design work could take.



Chapter 2

Background and Literature Review

2.1 Output Power Enhancement

Due to the low breakdown voltage, achieving a high saturated output power has been
one of the major challenges of CMOS PAs compared to other technologies, as shown in
Figure 2.1. The increased parasitic and lower power gain at millimeter frequencies further
complicates the issue. The parasitic capacitance introduced from increasing the device
widths will reduce the transition frequency of the device as well as cause degradation to

the power efficiency achievable by the PA.

There are generally two ways to increase the output power of the amplifier: FET

stacking and passive power combining.

2.1.1 Active FET-Stacking

A device level technique of improving output power known as stacking has been frequently
adopted in CMOS SOI technology, example in [12]. In this topology, the impedance seen
at the drain and gate of the each transistor stacked in series are designed such that the
voltage across any two given nodes of a transistor in the topology follows the reliability

requirements.
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Figure 2.1: Saturated Output Power of PAs reported in literature vs Frequency

This method of boosting output power of the PA has obvious advantages. Firstly,
one advantage with stacked-FET PA is that the chip area occupied by the stacked-FET
structure is small compared to typical multi-way power combining methods, therefore
significantly reducing the area cost needed to reach a certain output power threshold.
Secondly, in device with low breakdown voltages, stacked-FET architecture can effectively

boost the low Ropt in the basic common-source topology.

However, the issues with stacked-FET are also apparent. With the increasing number
of stacks, the parasitics become more and more significant. As a result, efficiency and
linearity both suffer. This also leads to a diminishing return of output power as number
of stacked-FET increases, due to the leakage current in the parasitic capacitance as well

as inter-stack matching networks.

Overall, stacking of transistor beyond two stack is less frequently seen in literature

becasue of the linearity and efficiency degradation, and stacking sees a further reduction
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Figure 2.2: Example 3-Stacked Circuit Architecture [12]

in usage as frequency of applications increases, particularly beyond 100GHz as parasitics

become increasingly significant.



2.1.2 PA-level Passive Power Combining

The most common method of increasing output power of a power amplifier is through
multi-way power combining using passive combiner networks. At higher frequencies, par-
ticularly above 100GHz, distributed combiners are more common, with the frequent usage
of coupled-line based combiner networks seen in literature for their low loss combining.
However, in 5G millimeter wave frequency bands at 28GHz and 40GHz, distributed archi-
tectures occupy an overly large area and is very costly to implement. Lumped passives, in
particular, transformers are commonly adapted for power combining and matching in Ka-
band frequency ranges because of its compact size and wide achievable bandwidth. There
are two types of power combining topologies, parallel combining (or current combining)

and series combining (or voltage current combining).

“PRg P
NI NN
o P
PN YN

(a) (b)
Figure 2.3: Combiner Topologies: a) parallel combining b) series combining [25]

The biggest difference in these two topologies lies in their impedance transformation. In
parallel combining structure, the the load resistance seen by each branch is higher because

they combine the current in shunt; whereas in series combining the load resistance seen



by each branch is lower because they combine the voltages in series. Depending on the
Ropt of the PA transistors, designer may choose the combiner topology careful for a low

impedance transformation ratio in their output matching networks.

One common method to alleviate such an issue is to through the usage of hybrid
combining topology, where it includes both parallel and series combining. As a result,
the load resistance does not see any significant transformation before being matched to
the load presented to the transistors. In addition, mixing the structure makes it easier to
achieve structural symmetry and it reduces the complexity of overall layout. An example
of such combining network is shown in [10], where two pairs of the total four sub-PAs are

combined in series before they combine in parallel at the output.

Inter gain stage M M.

=L I | Cadl
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Cy 24 fF Ca 30 fF Vit 05-V Vbz: 07-V

Figure 2.4: Schematic of a PA with 4-way hybrid power combining [10]

In addition, series combining suffers from being more susceptible to impedance and
phase mismatch due to parasitics, whereas parallel combining typically do not suffer from
this issue to the same degree and have lower losses|!|. However, parallel combining typically
results in a more complex routing and thus resulting in a larger layout compared to series

combining.

2.2 Circuit Level Linearization Techniques

In practical operation, the PA would be transmitting modulated signal, the transmitted
signal need to meet the emission mask requirement in the frequency spectrum as well

as having a non-distorted constellation to ensure the information being transmitted is as

10



intended. The linearity of the power amplifier has a significant impact on the final output
signal. More importantly in 5G, the complex QAM modulation schemes used have high
signal PAPR, which places stringent linearity requirement on the PA. Additionally, Digital-
Pre-Distortion (DPD) has an increased power consumption for millimeter wave 5G bands
due to the large signal bandwidth. This combined with the relatively low output power
of CMOS PAs lead to the inevitable conclusion that it is best to operate the PA without
DPD. As such, PAs with enhanced linearity has been a popular topic for research. Some
major causes to PA non-linearity include the various harmonic components of the transistor
output current and voltage, as well as the transistors’ non-linear parasitic capacitance. It
is important to analyze what factors can affect the linearity of the PA linearity in order to

improve it. Methods of linearization can be categorized based on their approaches.

2.2.1 Cold-FET and Passive Pre-distorters

[12] utilizes a cold-FET linearizer with feedback at the input to the driver stage, serving
as a pre-distorter to correct for AMAM distortion of the PA. Compared to using an extra
driver stage for AMAM correction, these cold-FET based linearizers are smaller, easier to
implement, and consumes less power. However, as it is passive, the pre-distorter effectively
reduces the gain at lower input power level as opposed to improving the gain at higher
power levels. This reduction in small signal power gain may become difficult to tolerate at

higher frequencies where power gain is more precious.

In [34], a shunt cold-FET based inter-stack linearizer is implemented. The FET again
behaves like a variable resistor, where the impedance seen into the linearizer varies with
power level. The linearity of the cold-FET network compensates for the gain and phase
non-linearity experienced by the original circuit. However, it may be worth to look into the
effect this inter-stack linearizer has on the voltage swing across top and bottom transistors

for reliability concerns.

The load impedance presented to the drain of a transistor affect its equivalent input
capacitance. As a result, one can affect the PA linearity by changing the load impedance
based on input power level. [(] proposes a varactor based network at the gate of the

common-gate device, and an envelop-tracking circuit is used to track the power level and

11
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Figure 2.5: Schematic of the PA in [12] using a cold-FET linearizer with feedback

control capacitance of the varactor in order to alter the impedance seen by the drain of
common-source transistor, as seen in Figure 2.7. This reduces the miller capacitance at the
input of the device as input power level increases, as such effective linearizing the input
capacitance. Overall, the PA sees a significant reduction in both AMPM and AMAM
distortion compared to the case where no varactor is present. However, it is worth noting
that the result compares between the performance achieved with and without varactor
implemented, whereas a more appropriate comparison might be to the case where the
stacked architecture is implemented with regular capacitor in place of the varactor-based
tuning network. The performance enhancement shown in the results is massive, to the
degree that it is questionable whether the reference case represents a properly designed PA

without proposed the linearization network.

12
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Figure 2.6: Schematic of the PA in [31] using a shunt inter-stack cold-FET linearizer

In [3], a non-linear inductor is realized based on a transformer with the secondary
winding seeing a controlled impedance based on the input power level. This non-linear
inductor helps to linearize the non-linear phase behavior from the non-linear Cgs. In the
inter-stage matching network, this variation of inductance would affect the load impedance

of the previous stage, but nevertheless it is used there to impelement a tunable matching

13
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Figure 2.7: Schematic of the PA in [0] using a varactor based impedance-tuning linearizer

with envelop tracking

network. One advantage of implementing the transformer based frequency re-configurable
network is that with the implementation of a switch, the effect of the extra winding could
be largely removed with minimal extra losses, which is beneficial for on-bench compari-
son of cases with or without the additional tuning network. In addition, the benefits in
common-mode rejection of a differential PA cannot be ignored. as such, investigations
in the implementation of this methodology in differential circuit configuration should be
considered. Although, network in that case might be limited by the number of accessible

low-loss metal layers in the process.

14
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Figure 2.8: Schematic of the non-linear inductor in [3]

2.2.2 Complementary NMOS/PMOS Linearization

As mentioned before, the amplitude-to-phase (AMPM) distortion is mainly caused by the
non-linear capacitance at input of the transistors. The major contributor to this is the non-
linear gate-to-source capacitance in transistors. One method of linearizing this non-linear
Cgs is to utilize the complementary behavior of PMOS transistors. The opposite trend of
Cgs to gate-to-source voltage in PMOS will compensate that of the NMOS transistors and
resulting in an overall improved AMPM linearity for the whole PA.

One of the most popular techniques is to use PMOS capacitor or varactor in the NMOS
based PA. [10][11][13] use PMOS varactors or capacitors at the gate input of the NMOS
transistors as a part of the input matching network. In [2], PMOS varactors are not used

at the input, but instead they are used to replace the neutralization capacitors.

Another tecnhique that involves the use of PMOS is not through PMOS varactors,
but instead PMOS transistors are used together with NMOS transistors in a push-pull PA
architecture in Figure 2.11 [19]. The downside of using PMOS transistor in PA is that their
RF performance, such as transition frequency, trans-conductance are inferior compared to
those in the NMOS transistors. Even though in more advanced technology nodes, the
performance of PMOS transistors have been improved to a closer match to the NMOS

transistors, the difference nonetheless exists in many.
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Figure 2.9: Example plot of cgs versus sweep of VG with fixed VDS, for an NMOS device
(dashed) and a PMOS device (solid) [2]
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Figure 2.10: Schematic of a 38 GHz Power Amplifier with input PMOS varactor for AMPM

linearization [10]

2.2.3 Linearity Compensation in Multi-stage PA

Another approach to PA linearization is through the usage of multi-stage or multi-way

power combining with different sub-PAs or different stages exhibiting different linearity
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Figure 2.11: Schematic of NMOS/PMOS push-pull pair[19]

behaviors. With strategical design approaches in different sub-PA or different stages, the

overall PA could combine to show a linearized response.

In [24], a three-stage four-way combining PA is designed and measured at 55GHz. The
PA uses both NMOS and PMOS drivers as well as sub-PAs together for a combined PA
with improved linearity. The author designs the sub-PAs with transistor of small widths
and avoid stacking, resulting in high overall efficiency. This approach suffers from classic
trade-off between power-combining and FET-stacking, leveraging chip area for efficiency.
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Figure 2.12: Schematic of the V-band doubly-hybrid NMOS/PMOS linearized PA [24]

A top-down design approach is taken in [11], through an inter-stage load-pull design
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approach. The inter-stage matching network parameters here are chosen for an improved
linearity in a systematic approach for the entire 2-stage PA instead of designing the stages

separately in the traditional approach.

2.2.4 Inductive Degeneration

[15] make use of inductive degeneration in the PA stage for AMAM linearity improvement.
The biasing of driver and PA stage are chosen separately for an improved 2-stage AMPM
response while making minimum sacrifice in efficiency with the trade-off in biasing point

selection.

It is known that parasitic losses in the source terminal reduces the power gain as well as
the efficiency achievable by the PA, however it is argued here that the degeneration inductor
improves the AMAM and pushes the OP1dB to a higher input power level, resulting in a
higher PAE at OP1dB and power-back off compared to plain CS pair. In addition, inductive
degeneration technique can assist with the input matching, making it an attractive option
in 2-stage designs where the inter-stage impedance transformation ratio may limit the
bandwidth.
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Figure 2.13: Schematic of a inductively degenerated PA for improved linearity [/15]
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Figure 2.14: Schematic of the PA in [REF] with 2nd-harmonic short circuit[33]

2.2.5 Harmonic manipulation

The technique known as sweet-spot biasing is often used in class AB PAs in order to min-
imize the effect of third-order inter-modulation (IM3) product on PA linearity. However,
there is usually a non-negligible second harmonic component. In [33], a technique of second
harmonic short circuit is used to minimize the impact of this current component at second

harmonic on the PA performance.

As seen in Figure 2.14, a second harmonic series LLC resonator connects from drain of
both output to the virtual ground at the source, shorting the second harmonic component

of current flow. With the application of proper biasing and the implementation of drain-
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to-source second harmonic short circuit, the PA shows an improvement in PAE, AMAM
and IMD3 distortion in two-tone simulation. The downside of only applying this approach
for linearization is that the AMPM non-linearity is not improved, which can lead to more

severe memory effect and degrade the output signal EVM.

2.3 Efficiency Enhancement Techniques

2.3.1 Load Modulated PA

In 5G cellular communications, the complex modulation schemes typically come with high
signal PAPR. This results in a need for back-off efficiency enhancement in order to improve

the average power efficiency of the PA.

The Doherty technique has proven to be the most popular technique for PA active-
load modulation and back-off efficiency enhancement. Novel combiner network is one of
the most popular areas of research in Doherty PA publications, a few examples are listed
as follows. [30] uses coupler-based baluns for output combiner synthesis. [1(] proposes a
transformer-based combiner synthesis technique which could absorb the transistor output
and pad capacitance in a dual band design. [18] uses LC tuning circuits in transformer-
based output combiner to minimize the loading from auxiliary amplifier in its off-state.

[29] uses on-chip antenna as a series doherty combiner.

Adaptive biasing technique is used to counter-act the effect of the early turn-on and
reduce the sensitivity of Peaking PA to threshold voltage variations. The adaptive biasing
network ensures that the auxiliary amplifier remains in class-C for low voltages, and the
biasing is elevated to class-AB as the input power increases past the designed back-off level.
[9] proposes a novel adaptive biasing circuit with envelop detection and careful attention
to the RC time constant. Whereas the example in [17] uses adaptive biasing to achieve
a dual-mode wide-band PA which can swap the main and auxiliary PA. The drawback of
the adaptive biasing technique include the complexity of the control and the discontinuity

in the gain characteristic of the PA, which degrades linearity.
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Although there exists challenges to implement DAC-based PA at millimeter wave fre-
quencies due to linearity and efficiency degradation under high modulation bandwidths,
their presence and implementation is not to be overlooked. In both [¢] and [7], mm-wave
DAC based PA is used for its reconfigurability in frequency and back-off efficiency enhance-

ment.

[30] incorporates the Doherty PA into the balanced amplifier topology, effective design-
ing a series-Doherty PA on both paths of the balanced PA, exploiting the advantages of
the balanced amplifier structure in its resiliency to load variations and antenna mutual

coupling effect.

In [38], a Doherty-like load modulated balanced amplifier(LMBA) is designed with
coupled-line based hybrid 90 degree couplers. However, both the LMBA topology and the

use of coupled-line based hybrid structure contribute to a large chip area of the PA.

500

RFIN  g9p° Hybrid

-M1=1.05umx34
“Mumen =(35.7%6)x2 =428um/28nm
-Cn=40fF

500

Figure 2.15: A Doherty-like LMBA [38]

Although not as popular as the Doherty PA, there are also research efforts made into
outphasing PA. Outphasing PA topology in theory eliminates the linearity dependence on
the amplifier sub-blocks due to their constant envelop voltage amplitude[1(]. Many recent
outphasing PA make use of Chireix combiner for back-off efficiency enhancement. [21] uses

on-antenna combiner network for active load modulation, whereas [39] designs its combiner
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with a triaxial balun. In order to address the performance issues that comes with operating
the PA in over-driven class-B for voltage-mode approximation, research effort is made to

design the PA in a current-mode inverse outphasing architecture [31][22].

2.3.2 Dual-Drive PA

Conventional Common-Source Topology Proposed Dual-Drive Power Amplifier Topalogy
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Figure 2.16: Dual-Drive PA Technique [17]

[15] proposes a novel PA operation mode by designing the PA input with a coupler
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that also feed into its source terminals named ”dual-drive” PA as seen in Figure 2.16. This
enables the voltage at the source to swing together with the input, this increasing the
transistor output voltage swing, improving the PA drain efficiency. However, compared to
traditional PA topology, the dual-drive PA suffers from lower power gain, particularly in
regular common-source configuration. This degrade power-added efficiency and limits its

merits in single-stacked architectures.

2.4 VSWR Resilient PA

When it comes to designing PAs for millimeter wave bands in 5G applications, it is expected
that they will be operating in phased array systems with large number of elements. It is
a known problem there that the impedance presented by the antenna elements of the
phased array system shows significant variation for different steering angles. Therefore,
for practical PA usage in such a system, it is important that the amplifier maintains an

acceptable level of performance over loads with different phases on a VSWR circle.

Several approaches have been adopted to combat the performance variation over dif-
ferent load impedance. [7] exploits the usage of DAC-based PA with a multi-port network
synthesis technique to improve the performance of PA with mismatched load. However,

this technique requires prior knowledge of the load impedance.

In [28], it is shown that series and parallel Doherty PA topology demonstrates different
degradation to their output power for different phases of load impedance under VSWR
variation. To exploit such observation, a re-configurable topology series/parallel Doherty

PA is designed with an improved output power and efficiency over 3:1 VSWR circle.

The above technique require load-sensing for VSWR resiliency which introduces extra
complexity and losses at the PA output. To avoid such a problem, there exists PA architec-
tures that have inherent mismatch tolerance such as Balanced PA topology. Figure 2.17[5]
studies and plots the behavior of different PA topologies under load mismatch conditions,

and the advantages of Balanced PA is apparent.
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2.5 Literature Review Summary

Reference | [17] [34] [35] [20] [45] 4] [0] [10]
Year 2021 2020 2021 2021 2021 2019 2020 2019
Frequency 26.5/
(GHz) 30 31 36 37 28 28 28 39
22nm
45nm FD
SOI 65nm 28nm 28nm SOI 65nm | 65nm | 65nm
Technology | CMOS | CMOS | CMOS | CMOS | CMOS | CMOS | CMOS | CMOS
single-
ended
2- 2- . 2-
stack | Doherty- | stack 3- single- | stack CS
Dual | class- like class- stack ended | class- | class-
Topology | Drive AB LMBA AB Doherty CS AB AB
Gain 13/
(dB) 20.4 18.9 18 10.7 26.1 15.8 18 14.4
OPqyp 18.7/ 16.8/
(dBm) 19.0 15 19.6 18.6 21.1 14 22.7 20.2
Psu 20.2/
(dBm) 20.1 17.1 22.6 19.1 22.5 15.6 23.2 20.7
PAEpeak 336/
(%) 49.7 38.2 32 32 28.5 41 35.5 35
PAEsinpo
(%) N/A N/A 24.2 N/A 22.1 25 N/A N/A
AMPM
@OP14p 7/
(degree) N/A 2 3-4 N/A N/A 1 1.6 1

Table 2.1: Comparison of Recent Ka-Band Power Amplifiers in CMOS Technology

A number of state-of-the-art Ka-band CMOS PAs from publications in recent 3 year
period are selected and compared in Table 2.1. The most commonly reported topics of
choice are Doherty PA and linearity-enhanced class-AB PA. The saturated output power
achieved with CMOS in this frequency range is generally around 20-23 dBm, with peak
PAE just over 40%. An exception being [15], which achieves an outstanding peak efficiency

of nearly 50% with dual drive technique discussed in a previous section. Highest achieved
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AM-PM distortion regardless of frequency or technology is generally below 1 degree up to
OP1dB, but simultaneous AM-AM and AM-PM enhancement is often difficult to achieve.
The most common transistor topology among the recent PA in literature is common-source
and 2-stacked. [1&] uses 3-stacked transistor for a Doherty design, achieving a saturated
output power of 22.5dBm in a chip area of only 0.2 square-millimeters. However, the peak
efficiency is not as high as other state-of-the-art Doherty designs, partially due to this high
FET-stacking.
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Chapter 3

Transistor-Level Design

3.1 Transistor Layout Topologies and Trade-offs

The main parasitics of concern when it comes to active devices in SOI CMOS are the
following: Rg, Rs, Rd, Cgs, Cgd, and Cds. Transistor directly corresponds to the inher-
ent performance limit a circuit can achieve in a given technology and it is desirable to
maintain as close to the theoretical maximum achievable performance as possible. The
transistor level parasitics in the lower metal layers cause a performance deterioration from
the original FET mode, and it is high desirable to minimize these parasitics to boost the
performance. The choice of active device layout directly impacts the parasitic resistances
and capacitances of the transistor. In general, more parallel interconnects result in less
parasitic resistances, however, that increases the parasitic capacitance in the layout. As a
result, there is a trade-off in choosing the desired layout topology in order to minimize the
parasitics that are the most detrimental to circuit performance while sacrificing the less
important ones. Thus, the choice of device layout varies depending on the application as

well as circuit topology in the context of a specific design.

A few popular transistor layout topologies are listed and discussed qualitatively in this
section. Layout decisions at the finger level can be classified by how the contacts at each

transistor finger are connected to the surrounding metal layers. Whether the gate, drain
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and source interconnect wires make the contact on one or both sides of the transistors
is one of the biggest factor affecting the parasitic resistance and capacitance to all the
terminals, as well as how the transistor unit cell connects to each other when scaling to

bigger transistor widths.
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Figure 3.1: Ladder-like source and drain interconnect [37]

The example in [37] adopts the "zipper” layout topology, as shown in Figure 3.1. This
layout structure has a single-sided contact for the gate, source, and drain. The feed-lines
are perpendicular to the finger orientation. This structure inherently comes with high
parasitic resistance and high interconnect inductance due to the long single-side metal
interconnect on the lower layers. This increase in Rg and Rs can cause a significant

deterioration in fmax. As mentioned in the paper, the post-layout peak fmax was cut in
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Figure 3.2: A layout technique to minimize impact of source parasitic resistance in PA [20)]

half, dropping from 500GHz to 240GHz in a 155-um device. However, the capacitances
between the interconnects are relatively lower compared to other layout topologies. The

reduced Cgd and Cds in this structure improve the transistor unilaterally and reduce the
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Figure 3.3: Layout in [13]

output capacitance. The former affects stability and gain, whereas the latter is a key factor
to consider at high frequencies, where capacitive reactance is low enough to effectively short
circuit most of the harmonics, and possible even at fundamental frequency, if the transistor

size is large enough and the frequency of operation is high enough.

Some layout topologies make significant improvements in source and gate resistances
compared to the previously discussed "zipper” topology. For example, Figure 3.2[20]
presents a layout topology to try to reduce Rs to increase efficiency and output power for
PA application. Through source sharing, neighboring transistor fingers share their source

terminals, and parasitic resistance in the source is minimized. In addition, the lengths of
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Figure 3.4: Layout in [17]
source interconnects are reduced. Figure 3.3[13] proposes a novel layout that does this in

an interesting way. Author not only adopts the source sharing technique but also inter-

leaves the transistor fingers in a differential pair for a layout parasitic-based neutralization

31



(a):ref [34]

=

bix

2

=5

+
16

(g}

= 14} @ _ -

o 7] A D= ==

» g

3 & 10} R(Y,2)

E' 9 §iYui'§iYu}
8

' L (b)
% 50 100

Frequency(GHz)

Figure 3.5: Layout in [38]

technique. The trade-off in these two topologies is that no improvement is made to the
gate resistance, so there will still be a large decrease in gain. An additional problem exist
in [13] that is its scalability. The way in which the unit transistor cells are connected to the
signal lines in the upper metal layers is one thing to consider here. As the gate and drain
interconnects are running next to each other on both sides, they need to be connected out
in lower metal layers first before going through vias to upper metal layers. As such, the

parasitic resistance and inductance in both gate and drain are expected to further increase

32



Gate grid (M,.,) x

Source stack (M,_;) [
Drain stack (M,.;) =
Double-contacted gate finger Hl

Figure 3.6: Ladder-like source and drain interconnect [11]

especially when adopting this layout for large transistor sizes.

To improve the power gain, a low Rg is needed. The first change here is to adopt a
layout topology with dual side gate contact. Signal can be fed to the fingers either in
series (perpendicular to finger orientation) or in shunt (parallel to the finger orientation).
The layout topology shown in Figure 3.4[17] shows double sided contact for both gate and
source terminals. The gate signal feed makes it easy for large transistor sizes when scaling
to high number of multiplicity count. 3.5[38] increases the gate signal path to two, still
feeding the transistor fingers in series, but adding another terminal at the other end of

the unit cell, attempting to further reduce the gate resistance. For smaller transistor sizes,
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parallel feeding can be adopted for further reduction in gate parasitic. In [23], parallel
feeding can be seen. Compared to series feeding, this further reduces the gate resistance
because the signal travels less distance in the lower metal layers. However, scalability may
pose a challenge for large transistor sizes. A grid-like structure is used in Figure 3.6[11]
for a low-noise amplifier (LNA) design. This topology also focus on minimizing the gate
resistance, by adopting double-side gate contact while having transistors in small unit
cells with low number of finger count. The source and drain connections are made in a

ladder-like structure to reduce the Cds between the wiring.

The transistor layout chosen for the PA in this thesis is the topology shown in Figure
3.4[17], offering low parasitic resistance on all terminals, while making it easy to scale to
large multiplicity of transistor unit cells.

3.2 Study of Transistor-level Stability

3.2.1 Differential Stability and Stabilization Techniques

The capacitive neutralization technique cancels out the effect of gate-drain transistor gate-
drain capacitance when the amplifier is operated in the differential configuration. Gener-
ally, a properly neutralized amplifier can show unconditional stability in the differential

configuration across a fairly wide bandwidth.

An example is shown with two 150um transistors in differential common-source config-
uration. S-parameter sweeps are done, while varying the neutralization capacitance, the
change in the maximum achievable gain, and the stability factor are plotted. Transistor
parasitic extraction results give that the 30um transistor unit cell used in the layout results
in parasitic Cgd of approximately 9 fF. Estimating the parasitic capacitance in a 150um
transistor gives 45 fF of Cgd. Figure 3.7 shows the graph of the maximum achievable
gain at 40GHz with increasing neutralization capacitance. Figure 3.8 shows the plot of the
stability factor against the increasing neutralization capacitance, with 10 different traces
at 10 evenly spaced frequencies between 10GHz and 100GHz. As seen in the figures, the

improvement in both the power gain and stability at the point of unilaterality is clearly
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Figure 3.7: Gmax at 40GHz plotted vs neutralization capacitance in a 150um differential

common-source

observable. With a choice of neutralization capacitance of 47 fF, the simulation shows a
Gmax of 11.5dB at this bias point, with a stability factor above 1 in the wide frequency

ranges.

However, one issue remains if one plots the differential stability below 10GHz. At low
frequencies, stability issue remains, as shown in Figure 3.9. A simple method of adding loss
at the input resolves the issue, in form of a pair of resistors in the gate biasing feed-line.
With a pair of 50 Ohm resistors added, the stability factor is shown in Figure 3.10. One can
observe unconditional stability in differential configuration up to at least 100GHz. Above
100GHz, the transistor has poor gain, and the chance of oscillation gets further reduced

with the increase in frequency.
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Figure 3.8: Stability factor vs neutralization capacitance in a 150um differential common-

source across 10-100 GHz
3.2.2 Common-Mode Stability and Stabilization Techniques

As discussed above, the capacitive neutralization technique provides significant improve-
ments in stability. However, as the technique requires differential operation in order to
function properly, this technique as expected does not work on common-mode stability.
In order to improve common-mode stability of the amplifiers, a closer look back at the
theory of stability and oscillation is necessary. With proper supporting theory, the corre-
sponding techniques of stability enhancement can be proposed. Firstly, one can recognize
that the load impedance of the transistor in the drain will not be purely real for most
of the frequency ranges. It is worth recalling that one configuration to generate negative

resistance is to look at the gate of a common-source amplifier with inductance in the drain.
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Figure 3.9: Stability factor from DC-100GHz before adding stablization resistor at input

If one models the output load with shunt LC-network, then it is not hard to deduce that
at frequencies below the LC tank’s resonance frequency, the load will behave inductively.
This in theory produces a risk for instability. From theory, the input impedance of a

common-source transistor with inductive load can be approximated as follows:

1
Zin = ———— 3.1
wzgmcgdLL ( )
In order to create an oscillation, the magnitude of the negative input conductance needs
to be larger than the one looking into the source. Hence, to improve the stability, one can
reduce the transconductance, reduce gate to drain capacitance, or reduce the load induc-
tance. This is in agreement with the intuition. This also provides an intuition for when

stability could deteriorate. Transistor transconductance increases with increasing bias, in-
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Figure 3.10: Stability factor from DC-100GHz after adding stablization resistor at input

creasing supply voltage, increasing transistor width, and decreasing frequency. Firstly, it
can be noted that larger transistor not only results in increased transconductance, but also
in an increase in gate-to-drain capacitance. Secondly, improper decoupling on the feedline
at output transformer center-tap where the drain supply is connected could lead to an

increase in drain inductance.

When it comes to reducing the transconductance and thus reducing the gain, one
popular and proven technique is through inductive degeneration. When extra inductance
is added between the common source node and the ground, the transconductance in the
common mode configuration can be reduced while not affecting the power gain in the
differential configuration. However, one issue here is that when the common mode issue

takes place at lower frequency ranges, the required inductance to make a visible difference

38



in stability may become too large for chip area considerations. One method was proposed
to use an shunt LC resonator at the frequency of interest in order to generate a high
impedance at that frequency. However, this resonator at high frequency would behave
capacitively. Recalling that a common-source configured transistor with capacitance in
the source is also a way to generate negative resistance. Thus, because of the concern
about this added capacitive reactance in the source at higher frequencies, this method was
not implemented. The common-mode rejection ratio of the matching network transformers
were also examined. The center tap was terminated with a capacitor to ground by design,

and this improves the common mode rejection of the transformer-based matching network.

Lastly, if it turns out that chip does turn out to be unstable, additional methods re-
garding bias and supply voltage can be taken. By slowly increasing both from 0, one
may find a bias and supply voltage below that of the original designed ones in simulation.
Because of the lower transconductance at this lower biasing point, stability is expected to
be improved in this way. However, this should be avoided if possible because a different
bias and supply voltage would cause a significant change to PA performance, particularly
large signal linearity. The pre-designed load impedance would also deviate from the ideal
impedance. This method might find an operating point without oscillation given an un-
stable amplifier, but it would nonetheless pose a significant concern to deteriorating the

overall 2-stage PA performance, which would render the design meaningless.

3.3 Stacked-FET Design and Considerations

3.3.1 Comparison of Stacked-FET and Cascode Topology

The main goal of trying to adopt a cascode-like structure for power amplifiers is their
merit in providing increased output power by increasing the peak voltage swing at the
drain output. However, the issue with CMOS technology is that the breakdown voltage
for individual transistor is low. If the drain voltage swings across common-source and
common-gate transistors are out of phase, it is likely that one or both of these transistors

will experience a drain-to-source voltage swing amplitude higher than the tolerable level
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specified for reliability concerns. Thus, the designer would need to keep the drain-to-source
voltage swing across different transistors in the stack balanced. The second consideration
for implementation of the topology in power amplifier applications is the voltage swing at
the gate of the common-gate transistor. At high output power levels, the output terminal
sees a full voltage swing. However, in a conventional cascode structure, the gate of the
common-gate devices sees an equivalent RF ground. This means that the voltage swing
at the gate is approximately 0. This poses an issue on the reliability of the gate-to-drain

junction due to the high voltage swing amplitude across these two nodes.

In order to overcome these aforementioned issues, several changes are made in the
stacked architecture compared to the conventional cascode topology. The first being a
finite impedance seen at the gate of the stacked transistor. This forms a capacitive voltage
divider with drain-to-source capacitance and results in a nonzero voltage swing at the gate
node, thus alleviating the reliability problem across gate-drain junction of this transistor.
The second change being that the impedance presented to the drain of the bottom common
source transistor is designed to be Ropt, compared to the load impedance at the drain of
the stacked structure, which is 2Ropt. This leads to in-phase series combining of the

voltage swings across each transistor.

One trade-off of the stacked-FET structure compared to conventional cascode is its
lower gain. In the stacked structure, it can be shown that due to the existence of a capacitor
at the gate of the stacked transistor, the output impedance of the stacked structure is
reduced. This reduces the voltage gain of the stacked-FET amplifier. This can be verified
with a simple S-parameter sweep versus the gate capacitance. As shown in Figure 3.11,
the maximum available gain of a given stacked-FET amplifier is swept against the gate
capacitance and the resulting monotonically increasing trend is apparent. With increasing
capacitance, the circuit behaves more and more like the classic cascode, and the gain
increases. However, the increase in output power without reliability issues in the stacked-

FET architecture is worth this sacrifice in gain.
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Figure 3.11: Maximum available gain of a 2-stacked 180um amplifier vs varying capacitance
at the gate of the stacked transistor

3.3.2 Design of Stacked-FET Circuit

In Figure 2.2, neglecting transistor small-signal output resistance and drain-source capac-
itance, the impedance Zd looking up towards the source of the stacked transistor can be

expressed as follows:

Cysk + Cr + Coar(1 + gmpZy )
(gmk + SCgs,k)(ng,k —+ Ck)

Zd,kfl = (32)

Cgd,k and Cgs,k are the gate-to-drain and gate-to-source capacitances corresponding
to the k-th transistor in the stack. Zd.k is real when frequency of operation is much lower
than the transition frequency of the transistor. To ensure that the voltage swings are
equally distributed and are added in series to the stack, the impedance Zd,k should be

designed to be k-multiple of transistor’s optimal load resistance Ropt.
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Assume that the transconductance is much larger than sCgs, if Zd k is real and chosen
to be kRopt, setting the real part of Zd k-1 to (k-1)Ropt gives the capacitance Ck to the

expression below:

Cgs,k + ng,k(l + gmkROpt)
(k - 1)gmk’Ropt -1

Cp = (3.3)

In reality, the finite output impedance of transistors and the non-zero drain-to-source
capacitance are sources of errors to this approximation, but it can be used as a first guess
nevertheless. In the actual design test bench, it is always necessary to sweep the value
of this capacitance to determine what the most suitable choice of this capacitance is to
account for the non-idealities. In addition, the imaginary part of impedance Zd k-1 will not
be 0, hence an additional matching network is needed to match this impedance to Ropt.
This could take the form of a series or shunt inductance in this particular technology and

frequency of interest.

Voltage distributions at various nodes of the circuit is also an important factor to pay
attention to. Due to the high supply voltage to the stacked PA, gate bias of the stacked
transistors need to be properly biased such that the various voltage swings across the
different junction pairs on the transistors are less than voltage limit for reliable transistor
operations. When biased under class-AB, increasing the RF input power will cause the
DC component of the output current to increase. The fixed DC biasing voltages at the
transistor gates should be considered for the maximum operating power level in order to

ensure safe operation. As such, the DC gate biasing voltage can be expressed as follows:

kE—1

Var = Vb + Vas—sat.k (3.4)

where VGS-sat,k is the DC component of the gate-to-source voltage of kth stacked

transistor.
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3.3.3 Analysis and load-pull of the 180um PMOS neutralized
Stacked-FET

In order to determine the optimal transistor choice for driver and PA stage, study is done
to consider the performance trade-off. Power transistors of various size in both common-
source and 2-stack architecture are analyzed based on their load-pull results, mainly based

on its output power and linearity.

In order to maximize the output power while maintaining an acceptable level of linearity,
2-stacked transistors are considered for PA stage. After extensive load-pull and large-signal
CW simulations with available transistors, a differential 180um 2-stacked transistor design
was chosen for the PA. The original circuit was designed following the theory of stacked-
FET PA design discussed above, except for some minor changes and additions. Firstly,
the inter-stage node is matched with a shunt inductor followed by a series capacitor to
ground. The shunt inductance matches impedance seen by drain of the bottom transistor
to the desired impedance in differential mode in the main frequency band of interest. The
series capacitor helps modify the impedance seen at second harmonic frequency, where the
signal is in common mode. Secondly, PMOS capacitor is used for neutralization to reduce
the AM-PM non-linearity by linearizing the input capacitance as mentioned in [10] and
discussed in the literature review section of this thesis. Although it was observed that gate
voltage swing in this core is smaller than desirable levels in large signal simulations, this is
due to a relatively large gate capacitance choice at the gate of the stacked transistor. For
future work, potential improvements can be made here for better reliability and long-term

operation, especially considering the stacked transistor.

The load-pull results of the the differential 180um 2-stacked circuit with 180um PMOS
varactor neutralization is shown below in Figure 3.12. The input power is set at bdBm,

with a gate biasing voltage of 0.3V and drain supply of 2.4V.

The output power here in this load-pull figure is around the 2 dB compression point.
Which indicates that with extra linearization from driver stage, this core should be able
to reach an output 3dB compression point of over 20 dBm without a problem. With the
enhanced AM-PM linearity as an added bonus, this core is chosen for this PA design.
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Figure 3.12: Load-pull results of the differential 180um 2-stacked transistor core

Similar analysis is performed with transistors for the driver stage. In this design,
priority is given to linearity as that is the focus of this project, hence a relatively large-
sized differential CS 150um driver was picked. This driver can maintain operation in
the linear region up to the power level required to drive the main PA stage to its 3dB
compression point. Despite the extra power consumption due to a large driver size, the
degradation of the overall PAE of the 2-stage PA is minimal because of the power gain
from the last PA stage.
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Chapter 4

37-43 GHz Balanced PA Design

4.1 PA Specification and High-level Design Decisions

The PA architecture, transistor sizing, and various design trade-offs as well as considera-
tions are crucial to the eventual performance the PA is capable of achieving, and thus a
good step the designer should take is to analyze of the initial performance specifications

for an initial plan.

The most fundamental performance parameter of the power amplifier is the saturated
output power that the PA is capable of achieving, given a certain chip area to design with.
This can also be quantified with the power density in units of watt per square millimeter.
In this design, the initial requirement indicates a saturated output power of 20 dBm within
an estimated chip area of 300 x 800 square micrometers. This gives an idea of roughly
what topology the PA will allow. The individual circuits will be differential, given the
advantage they have in terms of simple implementation of the cross-coupled capacitor
neutralization technique, improved common-mode rejection ratio, and the inherent DC-
blocking capabilities of compact transformer-based matching networks. Thus, assuming
differential operation, the given width of 300um means that at most 2-way power combining
can be used before the final layout gets unreasonably crowded. And from prior basic

load-pull simulations of various transistors at this frequency range, it is known that the
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gain requirement cannot be achieved with a basic single stage class-AB PA. Hence it is
determined that the area will be fully exploited with a differential 2-stage PA with 2-way
power combining. Knowing this, each individual sub-PA can be determined to be 2-stack in
order to have a good balance between high output power and low degradation to linearity
and power efficiency. Then, with a 17dBm requirement on each sub-PA, a differential

180um 2-stacked core is chosen for this design.

As the PA is planned to operate in a large phased array system, it is important to
consider the challenges the system would place on the PA. As discussed before, this comes
mainly in two ways: good output matching and good performance resiliency against load
VSWR variation. It is aimed that the PA would have a better than 10dB return loss across
the entire frequency band of interest at both input and output, as well as maintaining
reasonable performance over various phases on the 2:1 VSWR circle at the output. In
order to deal with these challenges, the balanced amplifier topology is chosen for this PA.
The balanced topology comes with two identical amplifiers in each of its two branches,
and a total of two quadrature hybrids at input and output, respectively. Due to the
inherent operating principle of the balanced amplifier, ideally the balanced PA would see
no reflection to the matched port at input and output as a result of the reflections canceling
out at the port of interest and combining at the isolated port terminated with the matched
load. This, combined with the improved VSWR resiliency as discussed in the previous
chapter, makes the balanced amplifier topology a very attractive topology of choice. It
is structurally simple to design with, offers low complexity and simple design flow. It is
estimated that the final design will exhibit a return loss of 20dB, much exceeding that

specified in the initial plan.

The other performance specifications including gain, efficiency and linearity will be
mainly considered in the following design process, with trade-off being carefully considered
and made. The gain target of 15-20dB is completely reasonable with 2 stages. The peak
PAE target of 40% and linearity target will be considered following the design methodology

described in the following section.

46



4.2 Design Methodology

To achieve a well-balanced trade-off between power efficiency, gain, and linearity, class
AB biasing is considered for both the driver and PA stages. The exact biasing points of
2 stages are crucial to overall PA’s performance trade-off, and will be discussed more in
detail in the next subsection. But initially, with the maximum PAE targeted at 40% and
the OP1dB aimed to be close to saturated output power, it can be certain that the design
will be in a deep class-AB biasing point, not too far away from the optimal sweet-spot bias
based on experience and simulations performed in load-pull and prior harmonic balance

simulations.

In a 2-stage PA, the design of the second stage will have the largest impact on overall
output power and efficiency. Among the various design considerations and parameters, the
load impedance is crucial to the final achievable efficiency and output power. Hench the
output matching network of the final PA stage that presents the load impedance to the
last stage, should be designed with a heavy focus on output power and efficiency. The
impact of first driver stage has on overall 2-stage PAE will be reduced by the gain of the

last stage, hence the driver can have a heavier design emphasis on linearity.

Starting off with a rough bias point, the output matching network of the second stage is
designed on the basis of the load-pull, and the input to the first stage is designed assuming

the conjugate match condition.

As for the inter-stage matching network, careful considerations must be made, as it
is crucial to the performance of both stages and the most complex in terms of design
considerations. Here, the method of inter-stage load-pull as discussed in [14] is tweaked
and adopted. The traditional approach of designing the load and source of the two stages
separately before synthesizing the final inter-stage matching network is overly complex
and consumes a large amount of time for tuning iterations following the initial design. The
method proposed here use achievable numbers of the final transformer-based matching
network as design parameters to sweep the possible combinations of them while comparing
the resulting large signal behavior of the overall 2-stage PA directly. This saves on design

time and makes for a faster, more strategic design approach.
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4.3 Biasing Considerations
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Figure 4.1: Magnitude and phase of the large signal transconductance vs input power for
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the 180um core with various biasing points

Biasing level of the PA affects a few performance specifications. For example, as the
biasing point of a class-AB PA reduces and approaches a class-B bias, the drain efficiency
of the PA increases. Another important factor to consider is the linearity of the PA. Both
AM-AM and AM-PM nonlinearity is affected by the biasing point. For AM-AM linearity,
the biasing level affects the magnitude of different orders of nonlinearity that the transistor

generates. For instance, the 3rd-order transconductance changes sign in deep class-AB bias,
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and this biasing point is commonly known as the "sweet-spot” biasing. Operating the PA
near this biasing point leads to best AM-AM linearity and a low third-order harmonic
distortion level. However, the biasing point also affects the PA AM-PM distortion. As
seen in Figure 4.1, the phase distortion of the transconductance can be seen to increase
as the bias level is reduced and the optimal AM-AM biasing point is approached. Thus, a
trade-off needs to be made regarding the exact biasing point in terms of AM-AM, AM-PM

and efficiency.

Note that biasing also affects power gain; however, it is much more difficult to boost the
power-added efficiency and linearity given a poorly designed PA than it is to compensate
for small signal gain. It is possible to add extra drivers in the TX chain to boost the total
gain to acceptable levels with some extra chip area as a trade-off. Thus gain is not a factor

that influence the decision making in choosing the biasing point.

4.4 Matching Network Design

The transformer is often used in sub-100GHz millimeter wave IC designs for its compactness
and wide achievable bandwidth. Inherently it can be modeled like a T-coil network and
thus offers the benefits of a multisection LC matching network. Hence, transformers offer

better bandwidth than simple inductors over the same chip area.

For this design, a non-ideal transformer model with parasitics that has been used in
the past is chosen for schematic design phase of this PA. The non-idealities are modeled
as follows. A parasitic capacitance of the shunt to the substrate followed by a shunt RC
network is used to model the loss of the substrate. A capacitor between primary and
secondary coil is used to model the coupling capacitance. Lastly, a resistor is used to
model the resistive loss in the metal conductors. It is worth noting that the skin effect is
not modeled in this circuit model; hence one potential improvement that could be made
here is to include the skin effect circuit model in order to provide a better match for
inductor quality factor. The transformer elements models include an ideal transformer

and the leakage inductance which takes into effect of non-ideal coupling.

Therefore, the main design parameters in the design process are the desired primary
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Figure 4.2: Schematic model of vertically coupled transformer with parasitics included

winding inductance Lp, the secondary winding inductance Ls, and the coupling factor k.
The parasitic values are extracted to have the schematic model give a closer match to the

EM simulation results.

4.4.1 Input and Output Matching Network

The design process of a typical matching network in this PA generally goes as follows.
Firstly, the desired impedance that need to be presented by the matching network is
determined. When an appropriate choice of winding inductance and coupling factor is
found, an initial schematic design of a transformer-based matching network is done to
match the desired impedance. The initial values of the input transformers need to conjugate
match the inputs to the transistors, and the output transformers should present the optimal

load impedance to the PA identified from the load-pull contours.
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Then, layout is done to give the desired primary winding inductance, secondary winding
inductance, and coupling factor according to these initial schematic values. Afterwards, the
EM simulation results of this transformer is used to extract and verify the loss and coupling
parasitics. Then, the schematic circuit is updated with the newly extracted parasitic values,
and three main design parameters are adjusted to give the desired impedance from before.
Using this model with better accuracy, an updated layout is done to match the behavior of
the schematic transformer circuit model. This iteration is typically repeated and the layout
is fine-tuned afterwards to achieve the desired circuit performance. This initial input and
output matching network design iterations are fairly straight forward, as these are linear
design processes to provide desirable impedance expanding from basic lumped component

matching theory.
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Figure 4.3: Primary winding inductance of schematic model vs layout EM

After the initial design iterations, these matching networks are swept and optimized to

improve the 2-stage PA’s performance. Both input and output matching affect the overall
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Figure 4.4: Secondary winding inductance of schematic model vs layout EM

2-stage linearity and can be tuned in small ranges to make some adjustments based on
large signal simulation results. However, the changes are not significant, as that may cause

significant deterioration in gain, output power, or efficiency.

As an example, the output matching network is designed and optimized in schematic,
then the layout is done to match the results of the schematic model. Comparison of the
inductances and coupling factor is shown in Figure 4.4, Figure 4.5 and Figure 4.6. Relative
difference between schematic and layout EM is below 1 percent for all three parameters
within the frequency of interest. The self-resonant frequency of the two inductors also
see minimal differences between layout and schematic model. The final load impedance
presented by the output matching networks to the two branches of PA is shown as follows
in Figure ?7?7. Referring to Figure 3.12, it is apparent that the load impedance presented
to the final PA is around the optimal impedance shown in the load pull results. The input

matching network is verified in the same way and will not have its results shown here.
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Figure 4.5: Coupling factor of schematic model vs layout EM

4.4.2 Inter-stage Load-Pull

The original method of interstage load-pull as discussed in [44] chooses the matching net-
work parameters based on results at a certain input power level in large signal CW simula-
tion. This results in clean and easily readable plots showcasing the performance. However,
one disadvantage is that some key information is missing from these plots. Examples of
these include how the non-linearity behaves and changes at other power levels, as well as

how the small-signal gain behave across frequency.

One simple change is adopted in this design. By sweeping the key design parameters
in the interstage transformer, the AM-AM, AM-PM and overall PAE are plotted against a
range of input power level and frequencies. This gives a better picture of most, if not all,

of the PA performance criteria rather than a limited number of them.
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Figure 4.6: Load impedance presented by matching networks to the drains of two amplifiers
over 37-43 GHz

The design process is described as follows. Firstly, an ideal inter-stage network is used
by presenting ideal impedance to the driver stage output and PA stage input. Then,
the input matching network to the driver and the output matching network to the PA is
designed as described in section 4.3.1. Then, with a working input and output matching
network for the 2-stage PA, a schematic transformer model including the parasitic values
is added in the interstage to replace the ideal impedance blocks. Then, the interstage

sweep is performed by sweeping the wideband PA large-signal CW performance against
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the interstage against the transformer design parameters Lp, Ls, and k.

One issue with this method is the high number of resulting plots, as complete set of data
needs to be plotted for every combination of potential design parameter values. Therefore
plots of the inter-stage loadpull process is not included in the thesis itself. Rather, the

effectiveness of this method is verified indirectly with the final results.

4.5 Transformer-based Hybrid 90-Degree Coupler De-

sign

The theory of a transformer-based hybrid is described in [141]. With proper choice of capac-
itance, inductance and coupling factor, a single-ended quadrature hybrid can be designed.
In [35], the layout of a compact differential quadrature hybrid coupler is proposed, based
on the theory of the original single-ended hybrid. Normally, the structure of a differential
hybrid would simply include two symmetric single-ended quadrature hybrids. However,
one downside with this is its large chip area occupation. With double the area, the layout
would not be compact. Instead, by orienting the two transformers in the way that the
magnetic field generated by the current adds constructively, the design can become com-
pact with the added benefits of enhanced magnetic coupling. The final layout proposed in
this paper gives a symmetrical folded structure where the coils are adjacently coupled in

the same chip area.

4.5.1 QOutput Single-Ended 90-Degree Coupler

The output hybrid is designed to be ultra-compact with a size of 80um by 80um shown
in Figure 4.8 above. Simulation results are shown below, same port reference is used for
both single-ended hybrid and differential hybrid, with port 1 as input, port 2 as through,
port 3 as coupled and port 4 as the isolated port. EM simulation was performed with
momentum Virtuoso, and the results of the S-parameter are included below. As shown in
Figure 4.10, the hybrid achieves a phase difference of 90 degrees between the phase change
from the input port to the through port and the phase change from the input port to the
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Figure 4.7: Schematic of the single-ended transformer based quadrature hybrid [14]

Figure 4.8: Layout of the single-ended transformer based quadrature hybrid design

coupled port, resulting in a phase error of less than 1 degree across the band. However, the
amplitude mismatch is high outside of the operation frequency range, making the design
narrow-band, as shown in Figure 4.9. All ports have return losses of more than 20dB, as

shown in Figure 4.11, as the matching of these passive hybrids does not seem to be an
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Figure 4.9: Insertion loss and isolation for the single-ended transformer based quadrature
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Figure 4.10: Relative phase difference between S21 and S31 for the single-ended transformer
based quadrature hybrid

issue in this technology.
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Figure 4.11: Matching of each port for the single-ended transformer based quadrature
hybrid

Figure 4.12: Original layout of the differential transformer based quadrature hybrid
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4.5.2 Input Differential 90-Degree Coupler

Figure 4.13: Updated layout of the differential transformer based quadrature hybrid

A 28GHz hybrid with structure shown in 4.12 has been designed before by past group
members. However, upon updating the layout of this hybrid and attempting to design one
at 39GHz, it was noticed that there was a significant phase error of over 5 degrees and was
difficult to tune out. A change was made to the layout to improve its structural symmetry
as seen in Figure 4.13. The two neighboring coils are changed to have a cross-over point in
the center such that one side of the coil does not run around the other coil with a different
coupling factor for the entire length of the routing. This improved structural symmetry
significantly eased the design process and reduced the phase error. Observation was made
here that the structural symmetry of the transformer-based quadrature hybrid is important

and has significant affect on its performance as well as ease of design.

The simulation results of the final differential quadrature hybrid is shown as follows.
The amplitude mismatch is minimal with 0.3dB or lower across a wide 35-50GHz frequency
range, as shown in Figure 4.16. Figure 4.17 shows the relative phase difference between the
through port and the coupled port, with the phase error kept below 0.7 degrees across the
band of interest, between 37 and 43GHz. Return loss of each port is above 25dB as shown
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Figure 4.18: Matching of each port for the improved differential transformer based quadra-
ture hybrid

in Figure 4.18. Results of a hybrid optimized using the original structure is shown in 4.14
and 4.15, the altered structure sees a reduction of phase error from 5 degrees down to 0
degrees in the frequency of interest, and the insertion loss of input to through port and
input to coupled port sees an added inflection point which minimizes the gain imbalance
in higher frequencies. Although the latter observation is out of band for this design and

thus not of high importance in this case.

4.6 Full BPA Simulation Results

The final full-EM simulation results of the PA is shown in this section. All passive struc-
tures above layer C1 are simulated together in one single block. The transistor intercon-
nects were performed in separate EM simulations and later in the final ADS test bench.
The schematic of the final design is shown in Figure 4.19, while the bumped version of the

layout is shown in Figure 4.20 for illustration purposes.
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4.6.1 Small Signal S-Parameter Simulation

It is known that the balanced amplifier structure cancels the reflected power from the two
identical PA branches at input and output given the matched source and load impedance.
This is verified with the s-parameter simulation in 4.21. Input and output return loss are
kept above 20dB across the relevant frequencies. Small signal gain variation is under 0.5dB
per GHz, which meets the target specification.
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Figure 4.21: BPA Small signal s-parameter simulation results

4.6.2 Large Signal Performance under Continuous-Wave Simu-

lation

Large-signal CW simulation is performed against input power level at discrete frequencies
across 37 to 43 GHz with 1 GHz spacing. All three figures use the same color code for data
at different frequencies, from red to dark green, with red representing the data at 37GHz
and dark green corresponding to 43GHz.
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Figure 4.22: Gain vs output power in large signal continuous wave simulation
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Figure 4.23: Amplitude-to-phase distortion in large signal continuous wave simulation
In Figure 4.22, the output 1dB compression point is between 19 and 19.5 dBm, and the

output 3dB compression point is around 21 dBm in the frequency band. Phase distortion

up to the output 1dB compression point is well maintained below approximately 1 degree
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Figure 4.24: Overall power-added-efficiency vs output power in large signal continuous

wave simulation

across the operating frequencies, as shown in Figure 4.23. The overall PAE is plotted in
4.24, with the peak PAE being 37% in the 37-40GHz band, followed by a slow drop in
efficiency beyond 41GHz, although still above 33%.

4.6.3 Large Signal CW Simulation Over Load VSWR

PA large signal performance over 2:1 VSWR is verified in this section. Harmonic balance
simulation is performed at 39GHz over 8 evenly spaced out impedance points over the
2:1 VSWR circle. The results of the large signal CW results are shown in Figure 4.25,
Figure 4.26, and Figure 4.27. As seen in the figures, the gain of this BPA shows under
0.2dB variation across the different phases on the 2:1 VSWR circle, and the absolute
degradation from the reference matched load scenario is only 0.5dB. Consistency in linearity
is maintained as well, showing within 0.5 dB of variation and less than 1 dB of degradation
across the simulated impedances. The variation of AM-PM distortion is generally more
challenging to minimize; however, it is still kept within 2 degrees. Overall PAE of this PA

is maintained above 30%.
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Figure 4.25: Gain vs output power at 39GHz with matched load (in blue) and over 2:1

VSWR (in red) in large signal continuous wave simulation
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Figure 4.26: Amplitude-to-phase distortion at 39GHz with matched load (in blue) and

over 2:1 VSWR (in red) in large signal continuous wave simulation
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Figure 4.27: Overall power-added-efficiency vs output power at 39GHz with matched load

(in blue) and over 2:1 VSWR (in red) in large signal continuous wave simulation

Overall, this balanced PA design has shown competitive performance when compared
to the state-of-the-art class-AB PAs in section 2.5. Furthermore, the PA maintains good

linearity under load mismatch, as demonstrated in the large-signal simulation in this sec-

tion.
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Chapter 5

Conclusion, Reflection and Future
Work

5.1 Conclusion

This thesis has showcased the advantages of balanced power amplifier topology in highly
integrated millimeter wave phased array systems with a design done using cutting-edge
SOI CMOS technology. Chapter 2 provided an overview of state-of-the-art PA in the
literature and the approaches that are taken to resolve various challenges in millimeter-
wave PA design. Chapter 3 started off by discussing various common transistor layout
topologies and their application to PA circuits. Then stability in PA is discussed, including
various methods to stabilize an amplifier. Lastly, this chapter concludes with discussion on
transistor choices for this specific design work. Chapter 4 discusses the general methodology
and the main considerations in the design process, as well as presenting the final EM

simulation results of the PA.

A 37-43 GHz balanced power amplifier design was demonstrated in this thesis. By
making use of the 2-stacked FET in the main PA stage, the amplifier achieves state-of-
the-art large signal CW performance up to a high saturated output power of over 21 dBm,

while occupying a core area of only 0.26 square millimeters. With linearity as a strong
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design focus, the 2-stage driver and PA co-design methodology yields a resulting AM-PM
of 1 degree up to OP1dB of over 19 dBm over the 37-43 GHz targeted frequency band.
Efficiency is also a key design target. By operating in deep class AB, the PA achieves
a power-added-efficiency of 37%. These numbers are competitive with the performance
seen in state-of-the-art linearity-enhanced class-AB PA designs in the literature. The
balanced power amplifier is implemented with ultra-compact transformer based quadrature
hybrid couplers while also minimizing their impact on PA performance. The advantages of
adopting the balanced amplifier topology are also clearly demonstrated in the results. The
improved return loss of the PA as well as the resiliency against mismatched load impedance
are both highly desirable features for PA to be used in phased array systems. The PA is
matched at input and output with over 20dB return loss. This level of S22 is typically
impossible to achieve with other PA architectures aiming for state-of-the-art efficiency and
output power level. In addition, the variation in terms of PA gain, output power and
AM-PM are kept below 0.5 dB, 1 dB and 1 degree respectively, thus expected to lead to
significant improvement in terms of PA performance against different phased array steering
angles. Overall, this design is expected to prove its value in a phased array system and
there is no doubt that this topology will see further uses in other practical phased array

systems.

5.2 Future Works

One problem that remains unresolved in this design is the lack of improvement to the
PA’s power efficiency. As 5G systems are expected to operate with signals that have high
PAPR, it is highly desirable to improve the back-off efficiency of the PA in order to reduce
overall power consumption. One potential direction of improvement could be to adopt a
balanced-Doherty topology, with each of the two branches of the balanced amplifier being
a complete Doherty PA. This approach would likely gain the merits of balanced amplifier
topology as well as having the improved back-off efficiency of the Doherty.

Another potential functionality that could be implemented is reconfigurability. Due

to the various millimeter wave frequency bands available for 5G applications in different
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countries and regions, it is highly desirable to have one PA that could work for multiple
frequency bands. This introduces the need for wide-band PA, dual-band PA, and frequency
re-configurable PAs. Secondly, re-configurable linearity could also be an interesting topic
for investigation, as demonstrated to be feasible by some existing publications in the litera-
ture. This could be implemented in the form of re-configurable linearizers or re-configurable

matching networks.
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